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Terahertz radiation is the electromagnetic radiation in the frequency range of 0.1-

10THz which lies between the microwave and infrared region. The mm-wave and 

terahertz (THz) applications include: high data-rate, communication, high-resolution 

imaging radar and spectroscopy. Among these, imaging radars are developed as a 

reliable and cheap measurement technique for short-range remote sensing applications. 

Terahertz radiation has several distinct advantages over other wavelengths of light such 

as: 1) many dielectric materials are transparent to Terahertz radiation; 2) Terahertz 

radiation is nonionizing and consequently safe for biological tissues unlike X-ray, (the 

energy level of 0.5 THz is only about 2meV which is much less than the 0.12 to 120keV 

energy of X-rays); 3) Terahertz images have a relatively high lateral resolution ≈1 mm. 

These advantages make the terahertz imaging intriguing; however, the previous 

demonstrations were mostly bulky expensive optical systems. A silicon chip solution 

can cover these advantages at a lower price and a more scalable scheme. By going to 

the higher frequencies, the radar transceiver including an array of the antennas can be 

implemented on a single chip. However, there are challenges on fully integration of a 

radar system on silicon. These challenges includes efficient power generation, low 

sensitivity of the Rx. front end, generation of ultra-wideband signals, long image 

acquisition time and finally putting together all the building blocks of a radar transceiver 

in a single chip and dealing with second order effects such as Tx./Rx. leakage. 
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Therefore, fully implementation of a radar transceiver at THz frequencies requires 

new design techniques. The radiated power of existing THz transmitters is still 

insufficient. This is mainly due to the limited speed and breakdown voltage of the silicon 

transistors. We have proposed a harmonic radiator with optimal embedding around the 

core transistor of the radiator with maximizes the power generation inside the 

transistors. The key to the high-power generation of this work is a new THz radiator 

structure based on a return-path gap coupler, which maximizes the fundamental power 

generation as well as the harmonics. Therefore, we have been able to generate 2mW of 

power at 320GHz. 

The challenge of on-chip active THz imaging system also resides in the receiver 

side. Due to the lack of power amplification for THz signals, focal-plane arrays in 

silicon rely on the direct passive detection using nonlinear devices, such as Schottky 

diode and MOSFET. This leads to limited sensitivity and further requires high-power 

generation from the transmitter. We have proposed a heterodyne imaging system which 

the phase locking between the transmitter and receiver via a high frequency PLL enables 

significant sensitivity enhancement. The detection scheme in our proposed design is 

coherent, therefore the phase information of the incident wave will be preserved; hence, 

digital beam forming becomes applicable at the receiver. We have been able to achieve 

a state-of-the-art sensitivity of 70pW over an integration bandwidth of 1KHz. 

The varactors are usually used for frequency tuning of the VCOs. However as we 

go to the higher frequencies the passives including the varactors becomes quite lossy. 

Besides the capacitance of the varactor is comparable with the parasitics. As results, 

achieving tuning bandwidth becomes challenging. We have proposed a solution for 
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optimum design of the passives embedding around the core transistor in a Colpitts 

structure which maximize the tuning bandwidth of the VCO. We have been able to 

generate and radiate an ultra-wideband signal with a bandwidth of 62GHz at 220GHz. 

In order to achieve lateral resolution mechanical scanning is commonly used, which 

unfortunately prohibits the miniaturization of the imager and leads to long image 

acquisition time. To solve this issue, capability of electronic beam scanning is highly 

desired. We have design a fully integrated imaging array that is capable of focal plane 

and plane wave imaging. Using the implemented array, we have been able to lower the 

imaging time by a factor of 16 while the image resolution is decent.  

Using our proposed solutions to overcome these challenges, we have implemented 

fully integrated transmission based and reflection based radar structures that are capable 

of practical imaging at THz. By demonstrating integrated imaging radars we have 

exhibited the feasibility of low cost, low power and fully integrated silicon imaging 

instrumentation for future 2D and 3D practical imaging applications, such as biomedical 

hydration sensing, security screening and industrial quality control. The details of the 

proposed solutions are included in the following chapters as: 

In chapter 1, A 320 GHz fully integrated terahertz imaging system is reported. The 

system is composed of a phase locked high-power transmitter and a coherent high-

sensitivity subharmonic-mixing receiver, which are fabricated using a 130 nm SiGe 

BiCMOS technology. To enhance the imaging sensitivity, a heterodyne coherent 

detection scheme is utilized. To obtain frequency coherency, fully integrated phase-

locked loops are implemented on both the transmitter and receiver chips. According to 

the measurement results, consuming a total dc power of 605mW, the transmitter chip 
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achieves a peak radiated power of 2mW and a peak EIRP of 21.1dBm. The receiver 

chip achieves an equivalent incoherent responsivity of more than 7.26 MV/W and a 

sensitivity of 70.1pW under an integration bandwidth of 1kHz, with a total dc power 

consumption of 117mW. 

In chapter 2 a 170GHz fully integrated single-chip heterodyne FMCW imaging 

radar using a 130nm SiGe BiCMOS technology is reported. This system demonstrates 

a wide bandwidth of 27.5GHz (16.3%) at a center frequency of 168GHz. A design 

methodology to maximize the tuning range of the VCO is presented. A co-design of the 

VCO, coupler and antenna is performed to minimize the chip area and the DC power 

consumption. The transmitter radiates a peak power of -1dBm with a DC-to-RF 

efficiency of 1.42%. At the receiver side a subharmonic mixer is used for signal down-

conversion. The system achieves a measured sensitivity of 87fW with a total DC power 

consumption of 67mW. The prototype is capable of forming 2D and 3D images with a 

range resolution of 7.0mm. To the best of our knowledge, this fully integrated imaging 

radar demonstrates the highest sensitivity and radiation efficiency among all imaging 

systems around 200GHz. 

In chapter 3 an ultra-wideband mm-wave voltage controlled oscillator (VCO) is 

presented. By utilizing an optimum design of the passives embedding around the core 

transistor in a Colpitts structure, the VCO tuning range is enhanced. The impact of DC 

bias on the tuning bandwidth is discussed. The generated second harmonic is efficiently 

extracted and radiated using a wideband slot antenna. The chip is fabricated in a 55nm 

BiCMOS process. A tuning bandwidth of 62.1GHz (28.3%) at a center frequency of 
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219.6GHz is achieved. With a measured peak radiated power of -3.7dBm, a DC to 

radiated power efficiency of 0.52% is obtained. 

In chapter 4 an ultra-wideband fully integrated imaging radar at THz frequencies is 

presented which demonstrates a fine lateral resolution without using any focal 

lens/mirror. We have achieved a lateral resolution of 2mm for an object at 23cm distance 

as well as a range resolution of 2.7 mm. To achieve the decent range resolution, in a 

FMCW radar configuration, a state-of-the-art chirp bandwidth of 62.4GHz at a center 

frequency of 221.1GHz is generated and efficiently radiated. By optimal design of the 

passive embedding around the core transistor the tuning bandwidth of the radiator is 

maximized. At the receiver side to maximize the IF level a sub-harmonic mixer is 

utilized which is designed for the lowest conversion loss. Finally, to obtain the fine 

lateral resolution, we have implemented near-field beamforming algorithm based on the 

ISAR systems. The synthetized beamwidth is less than 0.5 degree. The system is 

fabricated in a 55nm BiCMOS process. 

In chapter 5, an array implementation of the FMCW radar is reported. Using the 

array structure electrical beam forming will be practical. It decreases the imaging time 

significantly. In the proposed array structure 8 pixels at the receiver side is used that is 

capable of digital beam steering. The array is used in focal plane and plane wave 

imaging scheme. We have shown that by using the signals from all the pixels we can 

lower the number of mechanical movements by a factor of 16 while the image quality 

is not degraded. This decreases the imaging time by almost the same factor. The chip is 

fabricated in a 130nm BiCMOS process with a total silicon area of 2mm2mm.  
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CHAPTER 1. A Fully Integrated 320 GHz Coherent Imaging 

Transceiver in 130 nm SiGe BiCMOS 

1.1. I. Introduction 

Due to the emerging applications in security screening [1], biology [2], medical 

diagnostic [3] and material characterization [4], terahertz imagers are attracting 

increasing attentions. Compared to microwave frequencies, the shorter wavelength 

could effectively enhance the spatial resolution. Compared to X-ray, the non-ionizing 

nature makes it more preferable in many applications. As the development of fabrication 

and design techniques, silicon platform is becoming more and more attractive and 

suitable for terahertz imagers implementation, since it could provide much higher 

integration level and yield, as a result, significantly lower cost and smaller size. 

According to Planck’s law of thermal radiation, terahertz wave is emitted from any 

warm body as part of the black-body radiation [5], but the emitted power is normally 

very weak. Due to the limited sensitivity of current silicon detectors, active imaging 

scheme is more practical, which means a high-power terahertz radiating source is 

needed for illumination. As a result, lots of research efforts were paid on silicon 

terahertz sources design and significant progress has been made. In [6], a 280GHz 44 

radiating array capable of beam-steering is presented, which achieves a 0.19mW output 

power and a 9.4dBm EIRP. A 338GHz 2-D 44 phased array is introduced in [7], the 

obtained output power and EIRP are 0.81mW and 17.1dBm, respectively. In [8], a 530-

GHz source module with up to 1mW output power for diffuse illumination is 

demonstrated. To form a complete imaging system, a terahertz detector is needed to pair 
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up with the source. Previous works have also demonstrated terahertz detectors on silicon 

successfully. Using Schottky-barrier diodes, a 280-GHz 44 array and an 860-GHz 

detector cell are demonstrated, achieving minimum NEP of 29 𝑝𝑊/√𝐻𝑧  and 

42𝑝𝑊/√𝐻𝑧 , respectively [9]. In [10], a 320-GHz 44 imaging array in a SiGe 

technology is presented, which is measured to have an average NEP of 34 𝑝𝑊/√𝐻𝑧. In 

[11], a 1 k-pixel terahertz imaging camera chip at 860 GHz is introduced, which 

achieves an NEP of 100 𝑝𝑊/√𝐻𝑧. 

However, since most of the previous works are based on incoherent direct detection, 

the sensitivity is limited. Consequently, in order to obtain a reasonable dynamic range, 

normally an off-chip high-power source is needed for illumination [9]-[11]. In order to 

implement a fully integrated terahertz imager, the detector sensitivity needs to be 

improved to alleviate the output power requirement on the source, so that an on-chip 

source would suffice. To enhance the detector sensitivity, the heterodyne detection 

scheme can be used [12]. However, this requires frequency coherency between the 

source and the detector. To achieve this, multiplier-chain based sources could be used, 

but they are normally less power efficient and need off-chip RF sources [13]. 

Fortunately, the phase-locked terahertz sources on silicon have been demonstrated 

recently. In [14], a 300GHz phase-locked loop is introduced, which can provide a 40W 

probed output power. In [15], a 320-GHz transmitter chip with on-chip phase-locked 

loop achieving a 3.3-mW output power and a 22.5dBm EIRP is demonstrated. 

In this paper, a 320GHz coherent imaging transceiver is presented. In the transmitter 

chip, a 44 radiator array is inject-locked to an on-chip phase-locked loop (PLL) to 
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provide terahertz illumination. In the receiver chip, an 8-cell subharmonic-mixing 

detector array is used to perform a coherent heterodyne detection to enhance sensitivity. 

Fabricated with a 130nm SiGe:C BiCMOS process, the transmitter achieves a 2mW 

output power and a 21.1dBm EIRP. The receiver achieves a 31V/V RF-to-baseband 

voltage conversion gain. With a 1kHz bandwidth (corresponding to a 1ms time constant 

for fast imaging), the proposed coherent imager achieves a sensitivity of 70.1pW. 

Compared to other state-of-the-art incoherent imagers, it is around 10 times better. The 

sensitivity enhances even further with larger bandwidth (around 20 times for 10kHz and 

around 70 times for 100kHz) corresponding to faster imaging. Even though coherent 

imaging has been demonstrated previously, all of them use multiplier-chain based 

sources [17] or inject-lock on-chip sources to outside signal [18], which all require off-

chip high-frequency high power RF inputs. Using the PLL-based structure, this work 

demonstrates the first fully integrated coherent terahertz imaging transceiver on silicon. 

In Section II, principles of coherent heterodyne detection and the transceiver 

architecture are introduced. The transmitter architecture and detailed circuit blocks 

design are given in Section III. The subharmonic-mixing receiver design is presented in 

Section IV. The experimental results of the imager prototype are presented in Section 

V. Finally, a performance summary and comparison with some state-of-the-art imagers 

as well as a brief conclusion are given in Section VI. 

1.2. Principles of heterodyne detection and system architecture 

Due to the limited 𝑓𝑚𝑎𝑥 and breakdown voltage of silicon transistors, obtaining high 

output power is still challenging. With the current silicon sources, in order to achieve 
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high dynamic range for high quality imaging, the sensitivity of the detector needs to be 

enhanced. 

 

Fig. 1.1: Principles of (a) incoherent direct detection and (b) coherent heterodyne 

detection. 

1.2.1. Heterodyne Detection and Direct Detection 

The conventional incoherent direct detection scheme is shown in Fig. 1.1(a). If an 

input signal 𝑉𝑅𝐹 cos(𝜔𝑅𝐹𝑡 + 𝜑𝑅𝐹) is applied, the produced DC output change will be, 

𝑎2𝑉𝑅𝐹
2 /2 where 𝑎2 is determined by the nonlinear device used. Due to its simplicity, this 

scheme is used in most of the previous works [9]-[11], [19]. To alleviate the impact of 

the device flicker noise, the output signal is normally chopped to an IF frequency. As a 

result, the output IF signal (fundamental tone of the square wave after choosing) is: 

𝑉𝐼𝐹(𝑡) =
1

𝜋
𝑎2𝑉𝑅𝐹

2 cos(𝜔𝐼𝐹𝑡) (1.1) 

in which, 𝜔𝐼𝐹 is the chopping frequency. In the heterodyne detection scheme, the input 

terahertz signal is mixed with a local oscillation (LO) signal to generate the output IF 

signal, as shown in Fig. 1.1(b). In this case, if a terahertz input of 𝑉𝑅𝐹 cos(𝜔𝑅𝐹𝑡 + 𝜑𝑅𝐹) 

and LO of 𝑉𝐿𝑂 cos(𝜔𝐿𝑂𝑡) are applied, the output IF signal can be written as:  

𝑉𝐼𝐹(𝑡) = −𝑏2𝑉𝑅𝐹𝑉𝐿𝑂 cos(𝜔𝐼𝐹𝑡 + 𝜑𝑅𝐹) (1.2) 
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in which, 𝜔𝐼𝐹 equals to the frequency difference between the RF and LO; 𝜑𝑅𝐹 represents 

the phase of the RF signal; 𝑏2 is the mixing coefficient of the device. Comparing (1.1) 

and (1.2), we can see that, in the heterodyne detection case: 

(i) The output drops with 𝑉𝑅𝐹 instead of 𝑉𝑅𝐹
2 , meaning when the RF signal is weak, 

output of a heterodyne detector drops much slower compared to a direct detection one.  

(ii) The output signal is also proportional to 𝑉𝐿𝑂. Normally, as the LO power is 

considerably higher than the RF signal, the output signal will also be stronger. 

(iii) Phase information of the RF signal (𝜑𝑅𝐹) is preserved at the output. As a result, 

electrical scanning based on digital beam forming is achievable, which has the potential 

to replace the traditional mechanical scanning to significantly reduce the imaging time. 

 

Fig. 1.2: ST 130 nm BiCMOS bipolar transistor with a 700 nm emitter length configured 

as a (a) direct detector and a (b) heterodyne detector. 

Therefore, the heterodyne detection scheme can largely enhance the detector 

performance. For a further comparison, a bipolar transistor is configured both as a direct 

detector (input power injected from the emitter, as shown in Fig. 1.2(a)) and a 

heterodyne detector (input power injected from the emitter and -20dBm LO power 
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pumped into the base, shown in Fig. 1.2(b)). The simulated output current with different 

RF power in both cases is shown in Fig. 1.3. It is obvious that under low RF power, 

which is the real scenario in most applications, the heterodyne detection scheme shows 

a great advantage. With an assumed bandwidth of 1MHz, the simulated integrated 

current noise is 7:7nA. Under this circumstance, to achieve a signal-to-noise ratio (SNR) 

of 1, the required input power for the heterodyne detector is around 40dB lower than 

the direct detector. If a bandwidth of 10kHz is chosen, the difference becomes 50dB, as 

shown in Fig. 1.3. 

 

Fig. 1.3: Comparison simulation results using the ST 130 nm BiCMOS bipolar 

transistor. 

1.2.2. Subharmonic-Mixing Heterodyne Transceiver Architecture 

The heterodyne detection scheme requires frequency coherency between the 

transmitter and the receiver in order to obtain an output signal with stable frequency. 

Frequency coherency can be obtained by using multiplier chains, however it has two 
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obvious drawbacks: (i) it needs high-power high-frequency sources; (ii) the DC-to-RF 

efficiency is normally low compared to oscillator-based sources [13]. In order to achieve 

higher integration level and better power efficiency, a PLL-based transceiver 

architecture shown in Fig. 1.4 is proposed. In the transmitter, the 320GHz radiator is 

inject-locked to a 160GHz PLL. There is one important issue that needs to be addressed: 

the radiator is required to generate high output power, which needs the oscillators in the 

radiator to have a large oscillation activity. However, the power injected into the radiator 

is limited due to the power consumption restriction of the PLL. As a result, the radiator 

can only be locked within a limited range near its free-running frequency [20]. 

 

Fig. 1.4: PLL-based subharmonic-mixing heterodyne detection transceiver architecture. 

Fortunately, the heterodyne detection scheme does not require large frequency 

tuning. However, since the free running frequency of the radiator is hard to predict 

accurately due to the inaccurate device model at high frequency and process variation, 

the PLL needs to have a sufficient tuning range to cover he possible frequency shift of 

the radiator. In the receiver, the phase-locked 320GHz RF signal is mixed with the 

160.05GHz LO generated by the receiver PLL. Ideally, we could use the PLL to inject-
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lock another 320GHz oscillator to generate the LO signal. However, with a large 

oscillation activity in the 320GHz oscillator, the tuning range for the LO is largely 

reduced as discussed before. Due to the possible frequency mismatch caused by process 

variation between the transmitter and receiver, such small locking range may not be able 

to ensure frequency coherency. To address this issue, even with a relatively larger 

conversion loss, the subharmonic mixing scheme is still used to obtain a wider LO 

tuning range to ensure frequency coherency. Moreover, in this scheme, the PLL in the 

transmitter can be reused in the receiver with minor modifications, which makes it much 

simpler and also causes less frequency mismatch. After the subharmonic mixing, the 

output 100MHz IF signal is then processed by the on-chip baseband circuits. The 

detection output is finally collected and sent to a computer for image construction. 

 

1.3. Design of the High-Power Phase-Locked Transmitter 

Even though the heterodyne detection scheme could enhance the sensitivity of the 

detector, it is still desirable to achieve high output power for better image quality. Shown 

in Fig. 1.5 is the architecture of the high-power 320GHz phase-locked transmitter. 16 

radiator cells form a 44 radiator array with their power adding up in free space. The 

radiator array is then inject-locked by the 160GHz PLL. Next, design details of some 

critical circuit blocks are given. 
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Fig. 1.5: High output power 320 GHz phase-locked transmitter architecture. 

1.3.1. The Radiator Array 

Since the targeted frequency is higher than the 𝑓𝑚𝑎𝑥 of the transistors in this 130nm 

BiCMOS process (𝑓𝑚𝑎𝑥  = 280GHz [16]), harmonic oscillators are used. It has been 

shown in [15] that, there are several conditions for maximizing the radiated harmonic 

power: 

 

Fig. 1.6: Two-port network representation of an n-p-n transistor. 

(i) Shown in Fig. 1.6 is a two-port network representation of a bipolar transistor. As 

shown in [21], there is an optimum phase condition for the complex voltage gain A to 

maximize the fundamental oscillation activity: ∠𝐴𝑜𝑝𝑡 = ∠(𝑦21 + 𝑦12
∗ ). 
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(ii) Isolation between the base and collector of the transistor at the desired harmonic 

frequency is necessary to eliminate the self-power-cancellation/loading effect [21]. 

(iii) Efficient harmonic-signal radiation near the transistor is desired in order to avoid 

additional feed line or matching network loss. 

 

Fig. 1.7: Radiator cells and coupling between them. 

In [15], a return-path-gap coupler (RPG) based self-feeding oscillator structure is 

presented, which can simultaneously meet all the aforementioned conditions. Utilizing 

this structure, two adjacent radiator cells are shown in Fig. 1.7. The self-feeding lines 

are used to achieve the optimum phase condition for the transistors. Since the RPG is 

opaque to even-mode signals, isolation between the base and collector at second 

harmonic is achieved [15]. Besides, the generated harmonic power is instantly radiated 

by the top slots without experiencing additional loss caused by feed lines and matching 

network. It is also noteworthy that, the RPG naturally separates the DC, which allows 

us more freedom for optimum base and collector biasing. The harmonic power is 

collected at the base of the transistors for better harmonic generation efficiency [15]. 
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To increase the total radiated power, 16 radiator cells are implemented to form a 4 

 4 array with their power combining constructively in the far field, as shown in Fig. 

1.5. In each row, 4 radiator cells are mutually coupled together. The mutual coupling is 

realized through coupling transmission lines tapping on the radiator self-feeding lines, 

as shown in Fig. 1.7. In [15], it has been shown that the radiator cells can only be coupled 

in-phase, so the boundary between two adjacent cells behaves like an open termination. 

As a result, the added coupling lines act like small shunt capacitors. To minimize the 

impact, the coupling lines need to be short and have a high characteristic impedance. As 

a result, CPW lines with thin signal traces are used. Due to the compact design of the 

radiator cells, the 4  4 array only occupies an area of 0.870.85𝑚𝑚2. The simulated 

radiation patterns of a single radiator and the 4  4 array are shown in Fig. 1.8, with a 

directivity of 7.4 dBi and 17.7 dBi, respectively. 

 

Fig. 1.8: Simulated radiation pattern of (a) one radiator cell and (b) 4 × 4 array. 

1.4. The 160-GHz Phase-Locked Loop 

As shown in Fig. 1.5, the PLL is composed of a phase-frequency detector (PFD), a 

charge pump (CP), a 3rd-order loop filter, a divide-by-256 divider chain and 4 mutually-

coupled VCOs as well as VCO fundamental buffers and harmonic buffers. 
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Since there is no strong coupling mechanism among the radiator rows, 4 mutually-

coupled VCOs are implemented to inject their second harmonic into each radiator row 

to obtain overall synchronization. The schematic of the VCO with the fundamental 

buffer is shown in Fig. 1.9. 

 

Fig. 1.9: Schematic of the VCO and the fundamental buffer. 

As mentioned before, to assure frequency locking between the PLL and the radiator 

array, a large tuning range is required for the PLL. However, in conventional cross-

coupled VCOs, the large transistor parasitic capacitance 𝐶𝜋  is in parallel with the 

varactor, which makes it extremely hard to get a desired tuning range with adequate 

oscillation power due to the lossy varactor at this frequency. To obtain a better tradeoff, 

a differential Colpitts oscillator topology is adopted [15]. In the VCO, a common-base 

cascode stage ( 𝑄3 and 𝑄4 ) is placed on top of the main transistors 𝑄1 and 𝑄2 to provide 

a low-impedance termination required by Colpitts oscillators. The second harmonic 

signal is extracted at the top of the transmission line 𝑇𝐿4, which will be sent to the 
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second harmonic buffer. The transmission line 𝑇𝐿2  is used to transform the large 

parasitic drain capacitance of 𝑀1 and 𝑀2 into a weakly inductive impedance, so the 

operation of the VCO is not affected. The intermediate node of 𝑇𝐿2 is directly connected 

to the adjacent VCO for a strong mutual coupling. Similar to the mutual coupling of the 

radiators, VCOs are coupled in-phase and the connect points present open, so each VCO 

itself is not affected. The control signal ( 𝑉𝑐𝑡, shown in Fig. 1.5) is carefully distributed 

into the 4 VCOs to avoid frequency mismatch. Another common-base NPN transistor 

pair 𝑄5  and 𝑄6 with transmission lines on their collectors form the differential 

fundamental buffer, which feeds the 80GHz output fundamental signal into the 

following divider chain (or dummy load, for minimizing frequency mismatch among 

the VCOs). Shown in Fig. 1.10 is the second harmonic buffer, a cascode structure is 

used. A series L and C section is placed at the base of 𝑄2, which resonate at 160GHz to 

present a small impedance for RF grounding. Both input and output coupling capacitors 

(𝐶𝑖𝑛  and 𝐶𝑜𝑢𝑡 ) are custom designed metal-oxide-metal capacitors to minimize the 

parasitic capacitance to the ground. 

 

Fig. 1.10: Schematic of the VCO second-harmonic buffer. 
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Shown in Fig. 1.11 is the schematic of the injection-locking dividers (ILFDs). The 

transmission line 𝑇𝐿1 and transistor pair 𝑄1 and 𝑄2form the oscillator core of the first-

stage ILFD. The free-running frequency is designed to be 40GHz and can be tuned by 

changing the bias of the tail NMOS transistor 𝑀1 in case of process variation. The input 

signal is injected into the oscillator core through 𝑀2 and 𝑀3. For the second-stage ILFD, 

inverter based ILFD topology is used for its compact size and wide locking range. Multi-

phase injection technique is also adopted to further increase the locking range [22]. 

Eventually, the overall input locking range of the ILFDs is determined by the first stage, 

which is simulated to be from 75GHz to 85.2GHz, and is large enough to ensure locking 

of the whole PLL. 

 

Fig. 1.11: Schematic of the ILFDs. 

Output of the ILFDs is sent to two cascaded CML dividers (20GHz to 5GHz) 

followed by a divide-by-16 digital divider made of TSPC logic (from 5GHz to 

312.5MHz). The total division ratio of the divider chain is 256. Finally, the simulated 
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locking range of the PLL is around 17GHz at the 160GHz output, which is large enough 

to cover ±5% radiator frequency shift. This is very helpful for assuring frequency 

coherency even under large process variation. 

 

Fig. 1.12: Subharmonic-mixing heterodyne detection receiver architecture. 

1.5. Design of the High-Sensitivity Heterodyne-Detection Receiver 

To pair with the transmitter, a 320GHz high-sensitivity subharmonic-mixing 

coherent receiver is designed, with the architecture shown in Fig. 1.12. It is composed 

of an 8-cell detector array, a 160GHz PLL and an LO distribution network. Using the 

subharmonic-mixing scheme, the output of the PLL is directly used as the LO signal. In 

this way, a lower power consumption and much wider LO tuning range is achieved. The 

PLL in the receiver is very similar to the one in the transmitter, but it has only one VCO 
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and the second harmonic buffer is optimized for delivering LO power. In this section, 

some design details will be discussed. 

1.5.1. The Subharmonic-Mixing Heterodyne Detector Cell 

The structure of the proposed subharmonic-mixing heterodyne detector cell is 

shown in Fig. 1.13, in which bipolar transistors are used to perform the LO and RF 

mixing. The received RF signal is injected to the emitter of the transistors and the LO 

signal is fed from their base. The detector cell is made into a differential form in order 

to alleviate the LO self-mixing problem. After LO and RF mixing, the generated IF 

signal is amplified by a low noise pre-amplifier before it gets mixed again into the 

100kHz baseband signal. Finally, a low-pass filter with a 200kHz cutoff frequency is 

followed to filter out the unwanted components. 

 

Fig. 1.13: Structure of the subharmonic-mixing heterodyne detector cell. 

To accommodate to the differential detector structure, a differential patch antenna 

is designed. The top and cross section views of the antenna are shown in Fig. 1.14. The 
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antenna occupies an area of 250240 𝜇𝑚2. The antenna is implemented using the top 

metal (M1), which has a thickness of 3𝜇𝑚. To avoid the terahertz wave from coupling 

into the lossy silicon substrate, an overlapped M1-to-M3 ground plane is placed 

underneath the antenna. The distance between the antenna to the ground plane is 7.6𝜇𝑚. 

To avoid cross-talking with the near-by structures (transmission lines, transistors, etc.), 

stacked M1-to-M6 metal walls are placed surrounding the antenna with a 20𝜇𝑚 

clearance. As shown in Fig. 1.13, the emitter of the transistors is directly connected to 

the antenna. 

 

Fig. 1.14: Differential patch antenna. (a) Top view. (b) Cross section. (c) Simulated 

antenna gain in different directions. (d) Simulated reflection coefficient versus 

frequency (Zin = 350). 

To provide a DC bias, the center of the patch antenna is connected to ground as 

shown in Fig. 1.14. Due to the differential structure, central line of the antenna is 

equivalently RF grounded, so this ground connection has no impact. The length of the 

antenna is set to be 212𝜇𝑚 for a resonance at 320GHz, and the width is designed to be 
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200𝜇𝑚 to obtain an impedance of 350  for easy matching with the input impedance at 

the emitter. The simulated antenna gain in different directions as well as the reflection 

coefficient versus frequency are shown in Fig. 1.14 . The antenna gain in the broadside 

is simulated to be 2.2dB. 

 

Fig. 1.15: RF matching at emitter. (a) Matching scheme on a Smith chart. (b) Simulated 

reflection coefficient versus frequency. 

To minimize the RF signal loss, the transistors are placed as close to the antenna as 

possible, with a very simple matching scheme: only one shunt transmission line stub 

(𝑇𝐿1) is used as shown in Fig. 1.13. The matching scheme on a smith chart is shown in 

Fig. 1.15(a). To make this feasible, a co-design is needed for the antenna and the 

transistors in order to obtain suitable impedances. Beside that, a trade-off between the 

conversion loss and the device noise also needs to be considered while choosing the 

transistor size. Simulation result of the RF reflection coefficient at the transistor emitter 

(assuming a source impedance of 350 ) is shown in Fig. 1.15(b). In the detector cell, all 

the transmission lines are made of G-CPW lines with characteristic impedance of 58.  
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Fig. 1.16: LO matching at base. (a) Matching scheme on a Smith chart. (b) Simulated 

reflection coefficient versus frequency. 

The matching scheme for the LO signal is shown in Fig. 1.16(a). The transmission 

line section 𝑇𝐿2  and the short matching stub 𝑇𝐿3  transform the capacitive transistor 

base input impedance into a 58 impedance, so that it is perfectly matched with the 

characteristic impedance of the feed line 𝑇𝐿4. The DC bias for the base of the transistors 

is provided at the far end of𝑇𝐿3. Then, the feed lines (𝑇𝐿4) on the two sides combine to 

form a common LO feed-in point, which has an input impedance (𝑍𝐿𝑂,𝑖𝑛) of 29. The 

simulated LO reflection coefficient at this feed-in point (assuming a source impedance 

of 29) is shown in Fig. 1.16(b). 

1.5.2. The Highly-Symmetrical LO Distribution Network 

As shown in Fig. 1.12, the LO signal generated by the PLL needs to be delivered 

into each of the 8 detector cells. However, to distribute the LO power evenly with the 

same delay (phase) and power is challenging. In order to achieve that, a highly-

symmetrical distribution network shown in Fig. 1.17 is designed. First, the LO feed-in 

points of every two adjacent detector cells are combined together with two S1 blocks, 
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forming four adjoin points. Then, four S2 blocks combines the four newly formed adjoin 

points together to get a common LO feed-in point for all the 8 detector cells. Since the 

network is mainly built up upon S1 and S2 as well as their flipped and rotated versions, 

it is highly symmetrical, which is very helpful for the 8 detector cells to receive an LO 

signal with the same power and phase. 

 

Fig. 1.17: Highly symmetrical LO distribution network structure. 

In the S1 block, a 38 quarter-wave line transforms the 29 detector cell LO port 

impedance into a 50 impedance (𝑍1= 50). After two adjacent detector LO ports are 

combined, the impedance seen from each of the adjoin points will be: 𝑍2 = 𝑍1/2 = 25. 

Then, in the S2 block, another 38 quarter-wave line 𝑇𝐿2 transforms 𝑍2 into an 60, 

so the length of the following 60 line 𝑇𝐿3 can be adjusted according to the desired 
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distance between the detector cells. After the four S2 blocks join, the impedance seen 

at the common LO feed-in point will be: 𝑍5= 𝑍4/4= 15. Then, a 38 and a 60 

quarter-wave line (𝑇𝐿4 and 𝑇𝐿5) further transform the impedance to 40 (𝑍7 = 40), 

as shown in Fig. 1.17. Assuming 0dBm signal power is applied at the input port of the 

distribution network, the simulated power and phase shift at all the 8 output ports are 

shown in Fig. 1.18. 

 

Fig. 1.18: Simulation results of the LO distribution network. 

 The LO power is evenly distributed with only 0.15dB difference among 8 output 

ports. The total loss of this distribution network is 1.5dB. Phase of the upper 4 outputs 

(𝑃1 ≈ 𝑃4 in Fig. 1.17) is around 5° behind the lower 4 outputs (𝑃5 ≈ 𝑃8), this is because 

the transmission line tapping to the center of the network (𝑇𝐿4 in Fig. 1.17) slightly 

breaks the symmetry. Fortunately, this phase difference only causes a constant phase 

offset, which can easily calibrated. The simulated optimal load for the VCO harmonic 

buffer is 200, so a short stub matching structure is used to transform the 40 input 

impedance of the LO distribution network to 200, as shown in Fig. 1.19. The 40 
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feed line between the LO distribution network and this matching structure can have an 

arbitrary length, providing more freedom for floorplan of the whole chip. Finally, the 

LO power delivered into each detector cell is simulated to be -12dBm. 

 

Fig. 1.19: Matching network at the output of the 160 GHz PLL. (a) Structure. (b) 

Matching scheme on a Smith chart. 

 

Fig. 1.20: Microphotograph of the (a) transmitter chip and (b) receiver chip. 

1.6. Prototype and Experimental Results 

The proposed coherent imaging transceiver chips are fabricated using the 

STMicroelectronics 130nm SiGe:C BiCMOS process. The transmitter chip shown in 

Fig. 1.20(a) occupies an area of 1.61.3𝑚𝑚2. The receiver chip shown in Fig. 1.20(b) 

takes an area of 1.71.8𝑚𝑚2. 
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Fig. 1.21: Transmitter measurement setups. (a) Frequency/spectrum measurement 

setup. (b) Power measurement setup. 

1.6.1. The Transmitter Measurements 

Since the transmitter chip radiates from the backside, to eliminate the lossy substrate 

wave, a high-resistivity hemispherical silicon lens is attached to it [21]. The 

frequency/spectrum measurement setup is shown in Fig. 1.21(a), in which, an even 

harmonic mixer (EHM) mixes the received THz beam with the 16th harmonic of the 20-

GHz signal supplied by the signal source. The IF product is then measured with the 

spectrum analyzer. 

 

Fig. 1.22: Measured spectrum of the downconverted transmitter radiation when (a) PLL 

is off and (b) PLL is on. 

The measured IF spectrum with the PLL on and off is shown in Fig. 1.22. When the 

PLL is off, there is no strong coupling among the radiator rows, multiple peaks are 
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observed (Fig. 1.22 (a)). The number of the peaks does not equal to the number of the 

radiator rows, which is caused by the mutual pulling among the rows through the silicon 

substrate and antenna coupling. When the PLL is turned on, the radiator rows get 

synchronized through the mutually-coupled VCOs, and only a single peak is observed 

(Fig. 1.22 (b)). For a better comparison, a close-in spectrum of the free-running scenario 

and frequency locked scenario are plotted in the same graph, as shown in Fig. 1.23. 

 

Fig. 1.23: Close-in free-running and frequency-locked spectrum of the downconverted 

transmitter radiated signal and the phase noise of it after frequency locking. 

It is obvious that, after the frequency locking, the spectrum of the radiated THz beam 

is determined by the PLL, which presents a much sharper tone compared to the free-

running case. The phase noise after the frequency locking is also shown in Fig. 1.23. 

Due to the large division ratio (N=1024 from 312.5MHz to 320GHz) and the wide 

tuning range requirement for the PLL, the output phase noise is sacrificed. The 

measured in-band (100kHz offset) and out-of-band (10MHz offset) phase noise is -

67.4dBc/Hz and -87.2dBc/Hz, respectively. The frequency locking range of the 

transmitter under different radiator base bias voltages is shown in Fig. 1.24. As the bias 

voltage increases, the oscillation activity of the radiators also increases, and as discussed 
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before, the locking range decreases quickly. However, a total locking range of 3.91GHz 

is still achieved. 

 

Fig. 1.24: Measured frequency locking range under different radiator bias points. 

The radiation pattern of the transmitter shown in Fig. 1.25 is measured by rotating 

the chip in both azimuth and elevation directions on a rotary stage. The measured 

directivity is 18.0dBi, which is close to the simulated value mentioned in Section III-A. 

The power measurement setup is shown in Fig. 1.21(b), in which a PM4 calorimeter is 

used for better precision. 

 

Fig. 1.25: Measured radiation pattern of the transmitter. 

To obtain accurate results, we need to make sure the horn antenna is put far away 

enough from the transmitter to ensure far-field condition and avoid standing wave effect 
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so that the Friis equation is valid. First, the distance is changed from 5cm to 12cm, the 

calorimeter measured power is shown in Fig. 1.26(a). It can be seen that, when the 

distance is larger than 6cm, the results match with the Friis equation well. In the 

following measurements, a 9cm distance is chosen. The supply voltage for the 

transmitter is swept, and the peak radiated power as well as the associated DC-to-THz 

radiation efficiency are shown in Fig. 1.26(b). The maximum radiated power and EIRP 

achieved are 2mW and 21.1dBm, respectively. The maximum DC-to-THz-radiation 

efficiency is 2.4%. The transmitter chip consumes a total DC power of 605mW: the 

radiator array dissipates 433mW, the VCO array (including fundamental buffers and 

harmonic buffers) takes 128mW and the rest of the PLL consumes a 44mW power. 

 

Fig. 1.26: Power measurement results. (a) Measured power by the calorimeter at 

different distances from the transmitter chip. (b) Measured peak output power and the 

associated dc-to-THz radiation efficiency under different supply voltages. 

1.6.2. The Receiver Measurements 

The measurement setup for the receiver is shown in Fig. 1.27. The transmitter chip 

works as the source to radiate the 320GHz RF signal. To eliminate the standing wave 

effect caused by reflection at the receiver PCB, an absorber is positioned in front of it 

with a hole for the wave to pass through. Even with the absorber, the receiver still needs 
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to be put at least 15cm away from the transmitter. The signal analyzer and the 

oscilloscope are used to observe the receiver output signal in frequency and time 

domain, respectively. Fig. 1.28 shows the measured phase noise of the CML output 

signal in the receiver PLL (test point in Fig. 1.12). Since it is the LO signal divided by 

32, the phase noise of the LO is 30 dB higher. At a large offset frequency (>1 MHz), the 

LO has a similar phase noise compared with the transmitter. However, at lower offset 

frequency (<100 KHz), the LO shows worse phase noise performance, which is caused 

by the inferior flicker noise of the reference clock used in the receiver. 

 

Fig. 1.27: Measurement setup for the receiver chip. 

 

Fig. 1.28: Measured phase noise of the divided LO signal in the receiver. 

Using a signal analyzer, the measured output voltage noise spectrum density from 

one detector cell is shown in Fig. 1.29. The noise density from 10 kHz to 100 kHz is 
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almost flat with a value of around 6.8𝜇𝑉/√𝐻𝑧. Beyond 200kHz, the noise starts to get 

filtered out by the baseband filter. With a 15cm transmitter-to-receiver distance, the 

measured output signal PSD is shown in Fig. 1.29(b). Since the phase noise of both RF 

and LO will be transferred to the output after mixing, the close-in phase noise of the 

output is limited. As a result, the signal power is spread within the 90kHz bandwidth. 

However, due to the high sensitivity of the detector cells, the output still has a peak 

28dB higher than the noise floor. To get better use of the output signal power, it is 

integrated from 10kHz to 100kHz to get an output rms voltage. The output rms voltage 

as well as the detector cell received RF power at different distances is shown in Fig. 

1.30(a). A -20dBV/dec slope is observed for the output rms voltage, which matches the 

theory of heterodyne detection and is different from the -40dBV/dec slope observed in 

conventional incoherent detectors [23]. This is one of the factors, which give rise to 

much higher sensitivity for the heterodyne detectors. There are two ways to obtain the 

detector cell received RF power.  

 

Fig. 1.29: Receiver chip measurement results. (a) Output voltage noise spectrum 

density. (b) Output signal power spectral density. 
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Fig. 1.30: Measured receiver (a) output rms voltage as well as the received RF power at 

different transmitter-to-receiver distances and (b) conversion gain as well as equivalent 

incoherent responsivity at different transmitter to receiver distances. 

The first method is to use the setup in Fig. 1.21(b) to measure the power density at a 

certain distance and then calculate the power 𝑃𝑟 a detector cell could receive if the 

receiver chip is positioned there: 

𝑃𝑟 =
𝑃𝑐𝑎𝑙.

𝐴ℎ𝑜𝑟𝑛𝐿
𝐴𝑟𝑥 =

𝑃𝑐𝑎𝑙.
𝐺ℎ𝑜𝑟𝑛𝐿

𝐺𝑟𝑥 (1.3) 

where 𝑃𝑐𝑎𝑙. is the measured power with the calorimeter, 𝐴ℎ𝑜𝑟𝑛 and 𝐺ℎ𝑜𝑟𝑛 are the aperture 

size and gain of the horn antenna used, 𝐿 is the loss of the additional WR-10 section and 

WR-10-3.4 taper, 𝐴𝑟𝑥  and 𝐺𝑟𝑥  are the aperture size and gain of the receiver on-chip 

patch antenna. The second way is to use Friis equation to calculate the RF power one 

detector cell can receive: 

𝑃𝑟 =
𝑃𝑜𝑢𝑡,𝑡𝑥 𝐷𝑡𝑥

4𝜋𝑑2
𝐴𝑝𝑎𝑡𝑐ℎ = (

𝜆

4𝜋𝑑
)
2

𝑃𝑜𝑢𝑡,𝑡𝑥 𝐺𝑟𝑥 (1.4) 

where 𝑃𝑜𝑢𝑡,𝑡𝑥and 𝐷𝑡𝑥  are the output power and directivity of the transmitter, d is the 

transmitter to receiver distance, 𝐺𝑡𝑥  is the gain of the receiver antenna. In our 

measurement, we adopted the first method and verified the results with the second 

method. The results are consistent with only minor differences. Assuming a 50 
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impedance for the RF signal, a conversion gain from the received RF rms voltage to 

output rms voltage can be calculated using: 

 𝐺𝑣 =
𝑉𝑟𝑚𝑠

√𝑃𝑟  50
 (1.5) 

where 𝑉𝑟𝑚𝑠 is the output rms voltage and 𝑃𝑟 is the received RF power. The conversion 

gain at different distances is shown in Fig. 1.30(b). The averaged conversion gain is 

31.0V/V. To compare with incoherent detectors, an equivalent incoherent responsivity 

is defined as the responsivity that an incoherent detector needs to generate the same 

output rms voltage with the same received RF power. This equivalent responsivity can 

be derived with [23]: 

ℜ𝑣 =
𝜋𝑉𝑟𝑚𝑠

√2𝑃𝑟
 (1.6) 

The receiver equivalent responsivity at different distances is also shown in Fig. 1.30(b). 

It is observed that, as the received power decreases, the receiver equivalent incoherent 

responsivity increases. This also reflects the effectiveness of enhancing detection 

sensitivity by using heterodyne detection. To make a fair comparison between coherent 

and incoherent imagers, a sensitivity is defined as the received RF power for the output 

signal to have SNR=1 within a 1kHz bandwidth (corresponding to 1ms time constant 

for fast imaging). The sensitivity of the proposed receiver is calculated to be 70.1pW, 

which is around 10 times better compared to other state-of-the-art silicon detectors (as 

shown in Table III). The sensitivity enhances even further with a larger bandwidth 

(about 20 times for 10kHz bandwidth and 70times for 100kHz bandwidth) 

corresponding to faster imaging. The measured conversion gain and sensitivity for all 
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the 8 detector cells are shown in Fig. 1.31. Thanks to the highly-symmetrical LO 

distribution network, the performances of the detector cells are quite uniform. 

 

Fig. 1.31: Performances of all the eight detector cells. (a) Conversion gain. (b) 

Sensitivity under 1 kHz bandwidth. 

1.6.3. The Imager Experiments 

To put the transceiver into real use, a transmission mode terahertz imager is built up 

as shown in Fig. 1.32, which is composed of the transceiver chips, four Teflon lenses 

and a mechanical stepper. The first two Teflon lenses are used to focus the terahertz 

beam generated by the transmitter chip and form a focal plane. The two Teflon lenses 

on the receiver side are used to re-focus the transmitted beam in order to increase the 

power that could be received by the receiver chip. The mechanical stepper is used to 

move the object on the focal plane for scanning. With this imager, a few terahertz images 

are formed, as shown in Fig. 1.33. 

 

Fig. 1.32: Imager setup using the proposed transceiver chips. 
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Fig. 1.33: Images formed by the imager using the proposed transceiver. (a) Human tooth 

(130  80 pixels). (b) Floppy disk (150  140 pixels). (c) Student ID card with a metallic 

“UNIC” symbol attached to it (150  66) pixels. 

1.7. Conclusion 

Performance of the proposed transmitter and receiver chip is summarized in Table 

1.1 and TABLE 1.2. The transmitter chip achieves a peak radiated power of 2mW and 

a peak EIRP of 1.1dBm with a total DC power consumption of 605mW. The receiver 

chip achieves an equivalent incoherent responsivity of more than 7.26MV/W and a 

sensitivity of 70.1pW under an integration bandwidth of 1kHz. The total DC power 

consumption of the receiver chip is 117mW. A comparison with other terahertz imagers 

is given in TABLE 1.3. It can be seen that under the 1kHz integration bandwidth, the 

proposed coherent imager can achieve around 10 times better sensitivity compared to 

other state-of-the-art incoherent ones. Using the PLL based architecture; no off-chip 

high-frequency high-power sources are needed. To our best knowledge, this work 

demonstrates the first fully integrated coherent terahertz imager transceiver on silicon. 
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Table 1.1: PERFORMANCE SUMMARY OF THE TRANSMITTER 

 

TABLE 1.2: PERFORMANCE SUMMARY OF THE RECEIVER 

 

 

TABLE 1.3: COMPARISONWITH PREVIOUS STATE-OF-THE-ARTWORKS 
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CHAPTER 2. A 170GHz Fully Integrated Single-Chip FMCW 

Imaging Radar with 3D Imaging Capability 

2.1. Introduction 

Recently there has been a significant interest in mm-wave/Terahertz (THz) imaging 

systems. These systems are used in different application areas such as biomedical 

imaging [1]-[2], material analysis [3], quality control [3] and security [4]. THz radiation 

has several distinct advantages over other wavelengths of the electromagnetic spectrum. 

For instance, many dielectric materials are transparent to terahertz radiation. Unlike x-

ray, terahertz radiation is nonionizing and consequently safe for biological tissues.  

Based on the Abbe diffraction limit at higher frequencies the beam waist of the 

illumination source becomes narrower. This results in high spatial resolution in the order 

of wavelength (~1mm at around 300GHz). In addition, the available bandwidth is larger 

that results in higher range resolution [5]. Practical imaging systems at this frequency 

range mostly use off-chip components, which makes the system bulky and expensive 

[6]. Novel techniques are developed to generate reasonable amount of power at mm-

wave/THz frequencies on silicon. Hence, a lot of effort has been made to implement 

fully integrated imaging systems [7]-[17]. A high integration level makes the system 

portable and decreases the overall cost. 

In general, there are two types of active terahertz sensing modes: transmission and 

reflection. The advantage of transmission mode imagers is their simple design as only 

a single tone is transmitted. As a result, there is no need to deal with challenges of 

wideband VCO, antenna and matching network design. Successful works on 
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transmission mode imaging are demonstrated in [7]-[13]. In [7], a 44 detector array is 

illuminated by a source array at 280GHz. The detector outputs are sampled by a locked-

in amplifier. However, due to the incoherent nature of the imaging scheme the 

sensitivity of the receiver is degraded and a minimum NEP of 7.9pw/√𝐻𝑧 is achieved. 

This is also the case for the incoherent imager of [8] that is implemented at 530GHz. As 

a result of incoherent nature of these imagers, a higher radiate power is required to 

obtain the minimum required SNR compared to the coherent cases. In [9] and [10], a 

fully integrated coherent imaging system at 320GHz is demonstrated which the 

transmitter (Tx.) and receiver (Rx.) frequencies are locked to an off-chip low frequency 

reference. Due to the coherent detection, a sensitivity of 70pW is achieved. However, 

the performance of the system is limited by the uncorrelated phase noise of the VCOs 

at the Tx. and Rx. Hence, the IF level is only 5.5dB larger than the output signal 

spectrum which is spread over the IF band. Moreover, all the transmission mode imagers 

are two chip solutions. This makes the imaging setup and arrangement of optical 

components more complicated. Furthermore, the transmission mode imagers do not 

provide the depth information.  

The mono-static reflection mode imaging radar such as pulse-based or modulated 

continuous wave radars are single chip solutions [14]-[17]. It makes the system low cost 

while providing depth information for constructing 3D images. However, it is at the 

expense of wideband VCO and antennas design challenges and dealing with Tx. to Rx. 

leakage. Pulse-based radars require fast and low-loss switches with high isolation level 

that is challenging to implement on chip at THz frequencies. Main drawback of the 
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pulse-based radar is the challenges of base-band design and data processing due to its 

large base-band bandwidth. As an example in [14], to capture a 36ps pulse width 

(correspond to ~30GHz of BW) IF signal is probed and delivered to a wideband 

oscilloscope with a high sampling rate. On the other hand, continuous-wave imaging 

systems such as frequency modulated continuous wave (FMCW) radars shows a 

superior performance for short range applications. For FMCW radars, the IF frequency 

is typically in the order of tens to hundreds of kHz. It makes the base-band design and 

data processing simpler. However, the FMCW radars require a wide tuning range 

radiator that is challenging because of the limited range of the varactors [18]. At high 

frequencies, the varactor is lossy while its value is comparable with the parasitic 

capacitances, which limits the tuning range [19], [20]. Moreover, the FMCW radars 

suffer from Tx. to Rx. leakage. The fully integrated FMCW radar of [15] provides a 

radiation bandwidth of 15GHz at a center frequency of 375GHz. The system 

performance suffers from Tx. to Rx. leakage. In [16], an integrated multiplier chain 

(x16) is implemented that up-converts the chirp signal at 15GHz generated off-chip. 

Using chain of multipliers and power amplifiers results in a large DC power 

consumption of around 2W. Due to the high linearity of the off-chip chirp, a range 

resolution of 2.5mm is achieved. In [17], a fully integrated FMCW radar with 40GHz 

of bandwidth at a center frequency of 227GHz is reported. The chirp is linearized inside 

a PLL, but due to large variation of IF level (due to variation of radiated power) the 

range resolution is degraded. In [17], after post signal processing a range resolution of 

3.8mm is achieved while consuming 3.5W of DC power. 
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In this paper, we present a low power, fully integrated coherent FMCW imaging 

radar with >27GHz of bandwidth at a center frequency of 168.2GHz (16.3% tuning 

range). This system is capable of constructing 3D images with 7.0mm of depth 

resolution. The radiator provides a peak radiated power of -1dBm and an effective 

isotropic radiated power (EIRP) of 16.2dBm with a DC-to-RF efficiency of 1.42%. 

Using coherent subharmonic mixer at the receiver a sensitivity of 87fW is achieved. To 

the best of our knowledge, this work demonstrates the highest sensitivity and radiation 

efficiency among all imaging systems around 200GHz. Moreover, the system is capable 

of practical 2D and 3D imaging with significantly lower DC power consumption 

compared to the state-of-the-art FMCW radars.  

The rest of the paper is organized as follows. In section II, the link specifications for 

practical imaging is calculated. Besides, the impact of second-order effects such as 

nonlinearity of the chirp and the VCO phase noise on the system performance are 

discussed. The transmitter design including wideband VCO and antenna design is 

presented in section III followed by the receiver design in section IV. The experimental 

results of the SiGe prototype are presented in section V. Finally, a performance 

comparison with state-of-the-arts concluded the paper in section VI. 

2.2. System Analysis 

The system structure of an FMCW radar is demonstrated in Fig. 2.1 In the following, 

the required specifications of the transceiver link are calculated and second-order effects 

are discussed.  
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Fig. 2.1: Simplified system structure of a FMCW imaging radar. 

2.2.1. Link Budget Calculation: 

The minimum required radiated power is calculated based on the receiver 

performance. According to simulated results of the receiver (presented in section IV), a 

receiver sensitivity of -112dBm is achieved. Here the sensitive is defined as the 

minimum received power (Pr) corresponding to an output SNR of 0dB. Therefore, for 

an output SNR of more than 30dB (typically good enough for imaging purposes), a 

minimum received power (Pr,min) of -82dBm is required. Using Friis equation, the 

minimum transmitted power (Pt,min) is calculated by 

Pr,min  = L Pt,min Gt Gr σ 
λ2

(4π)3R4
 (2.1) 

which Gt and Gr are the gain of the Tx. and Rx. antenna, σ is the radar cross section 

(RCS) of the target, 𝑅 is the stand-off distance and λ is the wavelength of the radiated 

wave. In (2.1) the factor of L models the losses in the system such as dielectric loss, 
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polarization mismatches of the radiated and received wave and reflection loss at the 

silicon-air boundary. For hydration sensing applications, the RCS might be as small as 

-30dBsm [21]. Using (2.1), for a distance of R=20cm, Pt,min= -14dBm is required. The 

values for calculation of Pt,min are listed in Table 2.1. Gain of each antenna is extracted 

from simulations that is discussed in the following sections. Assuming a safe margin  

of 4dB, a radiated power of more than -10dBm across the bandwidth is desired. 

Table 2.1:VALUES USED TO CALCULATE THE MINIMUM REQUIRED 

TRANSMITTED POWER. 

Gt

Gr

s 

R

l 

Tx. Antenna Gain

Rx. Antenna Gain

Target RCS

Range to target

Wavelength

16.5 dBi

9.25 dBi

-30dBsm

20cm

1.6mm

L Dielectric Loss 3dB
 

2.2.2. Range Resolution and Chirp Linearity 

Range resolution (𝛿𝑟 ) of an imaging radar determines the minimum distance 

between two objects which can be resolved. It is related to the bandwidth (BW) of the 

radiated signal as 

𝛿𝑟 =
𝑐

2𝐵𝑊
 (2.2) 

which 𝑐 is the speed of light. Therefore, for a targeted range resolution of 5mm a chirp 

bandwidth of 30GHz is required. Nonlinearity in the frequency of the chirp, spreads the 

base-band spectrum and degrades the range resolution. The chirp can be linearized 

inside a PLL [22], however implementation of wideband frequency dividers at THz 
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frequencies is challenging [23] while they are power hungry. In another technique, 

based on the VCO frequency profile, the control voltage is swept nonlinearly to generate 

a linear chirp frequency [24]. Though the control waveform needs to be updated 

periodically due to the temperature variation and frequency pushing. The resolution in 

range can be recovered with post processing as well. Using signal-processing 

techniques, the chirp nonlinearity can be compensated. It is shown that the range 

resolution can be improved near to its theoretical limit [25]-[27]. In our design to 

decrease the complexity and lower the overall cost of the system, we compensate the 

chirp nonlinearity in digital domain. 

2.2.3. VCO Phase Noise 

The wideband high frequency VCOs suffer from high phase noise level due to the 

low quality factor of the varactors. In an imaging system the VCO phase noise is down 

converted to the IF band and increases the in-band noise level. Nonetheless, for short 

range imaging radars, time of flight is significantly smaller than the noise correlation 

time at the desired offset frequency. As a result, the phase noise of the received signal 

is correlated to the phase noise of the LO which cancels out after down-conversion. In 

another word, considering phase noise of the transmitted signal as ℒ(𝑓), the down 

converted in-band noise level at the IF can be expressed as [31]: 

ℒ𝐼𝐹(𝑓)  ℒ(𝑓) × sin2 (2𝜋𝑓𝑚
𝑅

𝑐
) (2.3) 

where 𝑓𝑚 is the chirp rate (typically is in the order of a couple of kHz to tens of kHz). 

Therefore, for short distances, sin2 (2𝜋𝑓𝑚
𝑅

𝑐
)~0 and the effect of the phase noise is 

negligible. 
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2.2.4. Leakage 

The performance of monostatic FMCW radars suffers from the Tx. to Rx. leakage 

[28]. In a conventional classical implementation of the radars, the low noise amplifier 

(LNA) is the first block of the Rx. frontend. As a result, the leakage of the Tx. signal 

can saturate the LNA and the Rx. frontend. Moreover, since the leaked signal has the 

same frequency as of the received signal it would be considered in-band and cannot be 

filtered out. Such systems are considered as interferer-limited systems. On the contrary, 

at THz and sub-THz frequencies implementation of LNA with a reasonable 

performance (in terms of noise figure, gain and bandwidth) is challenging. Therefore, 

mixer first topologies should be implemented (Fig. 2.1). It is at the expense of the higher 

input noise level of the Rx. frontend, although we can solve the leakage problem. The 

leaked signal from Tx. to Rx., generates different components at the output of the down 

conversion mixer at the IF. The first component is generated by the direct coupling of 

the Tx. and Rx. antennas on the chip. Due to the direct coupling of the Tx. and Rx. 

antennas, there is no time delay between the received wave at the Rx. antenna and the 

LO signal, therefore the leaked signal has the same frequency as the LO with just a 

phase difference. As a result, it only generates a DC component at the IF. This 

component is totally filtered by the DC decoupling capacitance of the following stage. 

The other leakage components at the IF are generated by the multi reflection of the 

radiated wave at the silicon-air interface. However due to the small thickness of the 

silicon, the time of flight for the leakage would be considerably smaller compared to the 

time of flight for the wave which is reflected back from the object. As a result, after 
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down conversion at the IF, these components would fall in a much lower frequency 

compared to the frequency of interest and can be considered as out of band interferer at 

the IF. These components are attenuated by the high pass filter followed by the mixer 

as shown in Fig. 2.1. Consequently, the reflected wave from the object can be frequency 

resolved from the leakage. An LNA is implemented after the filter to make sure that the 

noise of the following stages does not contribute to the input noise level of the Rx. front. 

In such systems, the performance is limited by the input noise level of the mixer. 

2.3. Wide Tuning Range VCO Design 

On-chip power generation close to or beyond 𝑓𝑚𝑎𝑥  is realized by two different 

schemes: frequency multipliers [29] and harmonic VCOs. The first method introduces 

a large power conversion loss. Hence, it mandates implementation of power hungry 

power amplifiers inside the multiplier chain to boost the power level [16]. It results in a 

larger silicon area and a higher DC power consumption. Moreover, inter-stage 

mismatches increase power variation across the bandwidth. For instance the 16 

multiplier chain of [16], shows ~17dB power variation across the chirp bandwidth. In 

[30] 39.3GHz (20.7%) of bandwidth at a center frequency of 190.5GHz is achieved by 

utilizing a band switching scheme. However, using multi-band signal sources for 

FMCW imaging radars is challenging, since the frequency and phase continuity and 

coherency of the signal may not be preserved within a chirp by switching between the 

bands. The structure of [28] shows more than 11dB of power variation across its 

bandwidth. Variation of radiated power leads to broadening of the IF main lobe that 

degrades the range resolution [31]. Alternatively, harmonic VCOs are compact and 
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power efficient with no inter-stage mismatch issue. As a result, the variation of radiated 

power can be minimized. 
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Fig. 2.2. The implemented wideband Colpitts structure integrated with buffer and the 

coupler. 
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Fig. 2.3. The C-V curve of the varactor and the corresponding quality factor at 80GHz. 
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At mm-wave/THz frequencies Colpitts oscillator provides a wider tuning range 

compared to other commonly used topologies. It is because the contribution of the 

parasitic capacitance of the active devices to the tank is smaller [30], [32]-[33]. Hence, 

differential Colpitts VCO of Fig. 2.2 is implemented for signal generation. A pair of 

varactors 𝐶𝑣 are used for frequency tuning. The varactor size is chosen such that the 

minimum capacitance of the varactor is significantly larger compared to the surrounding 

parasitic capacitances. As illustrated in Fig. 2.3, at 80GHz, the varactors provide a 

𝐶𝑚𝑎𝑥 𝐶𝑚𝑖𝑛⁄ ≈120fF/50fF with a quality factor of 2.8 − 6.4 for a 𝑉𝑡𝑢𝑛𝑒 of 0 − 1.8V. To 

determine the resonance frequency, core of the VCO and its small signal model are 

shown in Fig. 2.4. In this figure, −𝑗𝑋𝐸 is the equivalent impedance at the emitter that 

for simplicity is assumed purely reactive. The input impedance at the base of 𝑄1 can be 

calculated as 

𝑍𝑖𝑛 = 𝑟𝑏 +
1

𝑗𝜔𝐶𝜋
+ (1 + 𝛽)(−𝑗𝑋𝐸) (2.4) 

where 𝑟𝑏 is the base connection loss, 𝐶𝜋 is the diffusion capacitance of 𝑄1 and 𝛽 is the 

AC current gain of the transistor1. In general  𝛽 is a function of frequency and roll off 

by 10dB/dec at a corner frequency of 𝜔𝛽 = 2𝜋𝑓𝑇 𝛽0⁄  which 𝑓𝑇 = 𝑔𝑚 2𝜋(𝐶𝜋 + 𝐶𝜇)⁄ , 𝑓𝑇 

is the current gain cutoff frequency, 𝑔𝑚 the trans-conductance of the transistor, 𝐶𝜇 the 

collector-base junction capacitance and 𝛽0 is the DC current gain of the transistor [34].  

                                                 

1 In this structure, the swing at the collector of the core transistor is relatively small 
since 𝑄2 and 𝑄3 provide a small impedance at this node. As a result, the effective 
value of the base-collector capacitance at the base is almost 𝐶𝜇 which 𝐶𝜇 ≪ 𝐶𝜋. 

Therefore, we can ignore 𝐶𝜇 in our calculations. We can also ignore the 𝑟𝜋 compared 

to impedance of 𝑐𝜋, since at high frequencies (𝑟𝜋𝑐𝜋𝜔)
2 ≫ 1. 
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Fig. 2.4. Modeling the VCO core. (a) Simplified model of the VCO core for calculation 

of the resonance frequency (b) Small signal model of the VCO core. 

At frequencies higher than 𝜔𝛽, 𝛽 is determined by 

𝛽 = −𝑗
𝜔𝑇

𝜔
 (2.5) 

Substituting (2.5) in (2.4), 𝑍𝑖𝑛 is calculated as 

𝑍𝑖𝑛 = 𝑟𝑏 −
𝜔𝑇

𝜔
𝑋𝐸 − 𝑗(

1

𝐶𝜋𝜔
+ 𝑋𝐸) (2.6) 

The real part is chosen to be negative to sustain the oscillation, while the reactive part 

resonates with transmission line 𝑇2 to determine the oscillation frequency as 

𝑍0 tan(𝑘𝑙2) =
1

𝐶𝜋𝜔
+ 𝑋𝐸 (2.7) 

where 𝑘 = 𝜔 𝜐𝑇𝐿⁄  is the wave number, 𝜐𝑇𝐿 is the wave speed inside the transmission 

line and 𝑙2  is the physical length of 𝑇2 . In a conventional design, 𝑇1  is chosen as a 

quarter wavelength transformer ( 𝑙1 ≈ 𝜆 4⁄ ) [32]-[33]. Hence, it introduces a high 

impedance at emitter of 𝑄1, therefore 𝑋𝐸 = 1 𝐶𝑣𝜔⁄ . The minimum oscillation frequency 

(𝜔𝐿) and maximum oscillation frequency (𝜔𝐻) can be calculated by substituting the 

corresponding 𝐶𝑣,𝑚𝑎𝑥 and 𝐶𝑣,𝑚𝑖𝑛 value in (2.7). Therefore, the tuning range is limited 

by the 𝐶𝑣,𝑚𝑎𝑥 𝐶𝑣,𝑚𝑖𝑛⁄  value that is reduced by the parasitic capacitances. 
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An optimum passive embedding around the core transistor can increase the tuning 

range. Considering length of 𝑇1 as 𝑙1 (𝑙1 < 𝜆 4⁄ ), 𝑋𝐸 can be calculated as 

𝑋𝐸 =
1

𝐶𝑣𝜔 − 1 𝑍0⁄ cot (
𝜔
𝜐𝑇𝐿

𝑙1)
 (2.8) 

Substituting (2.8) in (2.7) the oscillation frequency is estimated by 

𝑍0 tan(𝑘𝑙2) =
1

𝐶𝜋𝜔
+

𝑍0 tan(𝑘𝑙1)

𝑍0𝜔𝐶𝑣 tan(𝑘𝑙1) − 1
 (2.9) 

By substituting 𝐶𝑣,𝑚𝑖𝑛 and 𝐶𝑣,𝑚𝑎𝑥 in (9), the tuning range can be calculated. It is possible 

to numerically maximize this tuning range by finding the optimum value of 𝑙1. This 

optimum value of 𝑙1can also be determined intuitively: the imaginary part of the input 

impedance (the last term of right side of (2.6)) sets the oscillation frequency as given by 

(2.7). This term is mostly set by the value of 𝑋𝐸. Thus, to maximize the tuning range, 

the difference of 𝑋𝐸 value for 𝑉𝑡𝑢𝑛𝑒,𝑚𝑖𝑛 and 𝑉𝑡𝑢𝑛𝑒,𝑚𝑎𝑥 should be maximized. 𝑋𝐸 has 

some finite minimum value however its maximum could be quite large if the 𝑇1 and 𝐶𝑣 

resonant at the frequency of interest, (ideally according to (2.8), 𝑋𝐸 can becomes 

infinite, however in reality it is limited by the loss of 𝑇1 and the varactors). This 

resonance happens when this condition is satisfied: 

𝑙1 =
𝜐𝑇𝐿
𝜔

tan−1(
1

𝑍0𝜔𝐶𝑣
) (2.10) 

Now the question is the values of 𝐶𝑣 and 𝜔 in (2.10). To find the answer, we note that 

to sustain the oscillation, the real part of 𝑍𝑖𝑛 should be negative for the entire tuning 

range. According to (2.6), this means 𝑋𝐸 has to be capacitive (i.e., 𝑋𝐸 > 0) throughout 

the tuning range. To guarantee this, 𝑋𝐸 should be capacitive for the minimum varactor 
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value, 𝐶𝑣,𝑚𝑖𝑛. As a result we can make sure that the parallel combination of 𝐶𝑣 and 𝑙1 

would be capacitive for larger values of 𝐶𝑣.This varactor value (𝐶𝑣,𝑚𝑖𝑛) corresponds to 

the maximum oscillation frequency. To summarize, the optimum value of 𝑙1 for a 

maximum tuning range is given by: 

𝑙1,𝑜𝑝𝑡 =
𝜐𝑇𝐿
𝜔𝐻

tan−1(
1

𝑍0𝜔𝐻𝐶𝑣,𝑚𝑖𝑛
) (2.11) 

In this equation the 𝜔𝐻 is chosen based on the device performance which could 

generated the desired power level at that frequency or can be chosen based on the system 

specifications. It should be considered that by choosing 𝑙1<𝑙1,𝑜𝑝𝑡, the 𝑋𝐸 becomes 

inductive (𝑋𝐸 < 0) for 𝑉𝑡𝑢𝑛𝑒,𝑚𝑎𝑥, and there is no oscillation at the base for this tuning 

voltage. Therefore, in practice 𝑙1 ≳ 𝑙1,𝑜𝑝𝑡 is chosen. 
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Fig. 2.5. The simulated tuning bandwidth of the VCO at the second harmonic as a 

function of 𝑙1. 

For a designed value of 𝑍0=50, 𝜔𝐻 = 90𝐺𝐻𝑧 and 𝐶𝑣,𝑚𝑖𝑛 = 50𝑓𝐹, 

𝑙1,𝑜𝑝𝑡 ≈165m is calculated from (2.11). To show the effectiveness of this optimization, 
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we have simulated the Colpitts structure of Fig. 2.2 in a 130nm SiGe process. The tuning 

bandwidth of the oscillator at the second harmonic as a function of 𝑙1, is simulated and 

shown in Fig. 2.5. Based on the simulation results for 𝑙1,𝑜𝑝𝑡 ≈180m the tuning 

bandwidth is maximized and is significantly larger compared to the conventional design 

with 𝑙1 = 𝜆 4⁄ =420m. It is verified by the simulations that for 𝑙1 < 𝑙1,𝑜𝑝𝑡 =180m 

the oscillation decays for 𝑉𝑡𝑢𝑛𝑒,𝑚𝑎𝑥=1.8V, which was expected by theoretical analysis. 

In case of 𝑙1 <180m, the oscillation is not sustained for 𝑉𝑡𝑢𝑛𝑒,𝑚𝑎𝑥=1.8V, therefore the 

maximum value of 𝑉𝑡𝑢𝑛𝑒 should be chosen less than 1.8V in order to provide a 

capacitive impedance at the source, but the tuning bandwidth shrinks significantly as 

shown in Fig. 2.5.  In our design, in order to consider the process variations, a safe 

margin of 15% is assumed and an 𝑙1 =205m is implemented, though, it is at the expense 

of losing ~3GHz of the maximum achievable bandwidth. Based on the circuit 

simulations, for 𝑙1 = 𝜆 4⁄ ≈420m, a tuning range of 77-85.7GHz (10.7%) at the 

fundamental frequency is achieved as illustrated in Fig. 2.6. By implementation of 

𝑙1 =205m, the tuning range increases to 79.1-94.3GHz (17.5%) as shown in Fig. 2.6. 

The large signal input impedance looking in to the base of 𝑄1 is also simulated and 

illustrated in this figure. As expected, variation of Im(𝑍𝑖𝑛) is significantly larger in the 

proposed design which resulted in a wider tuning bandwidth of the VCO. Using this 

design technique, in [35], we have demonstrated a 220GHz radiator with a state-of-the-

art tuning bandwidth of 62GHz (28.3%). 
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Fig. 2.6. Tuning range and the large signal input impedance at the base of 𝑄1 for 𝑙1 ≈
𝜆 4⁄  and 𝑙1=205m 

The common-node 𝑁1  in the implemented structure of Fig. 2.2 ensures the 

differential oscillation of the structure. In this structure by reusing the DC current, the 

collector of 𝑄1  is cascoded through 𝑄2  which buffers the resonance tank from the 

loading effect of the other parts. Transistor 𝑄3 acts as an active coupler to extract some 

portion of the power from the VCO to be injected to the Rx. side. Compared to a passive 

coupler, the active one has a smaller footprint and can boost the signal level. A quarter 

wavelength transformer at the second harmonic (𝑇6), diverts the second harmonic power 

toward the antenna. Implementation of VCO, buffer and the coupler in a single structure, 

decreases the silicon area, loss and the DC power consumption with no interstate 

mismatch concern. 

(a) (b)

PCB

Silicon lens 

with 10mm 

diameter

500um    

silicon wafer

Radar 

Chip

Transmitter 

antenna

Frequency [GHz]

-20

-15

-10

-5

0

150

-30

-25

-35

-40

-45
155 160 165 170 175 180 185 190 195

R
e

fl
e
c
ti

o
n

 C
o

e
ff

ic
ie

n
t 

[d
B

]

 

Fig. 2.7. The Tx. antenna. (a) Simulated reflection coefficient of the slot antenna. (b) 

The 3D structure for EM simulation of the antenna. The transceiver chip is mounted on 

a 500m silicon wafer, a silicon lens with 10mm diameter is attached to the wafer, and 

the whole module is mounted on a metalized PCB. 
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Fig. 2.8. Simulated tuning range and radiated power of the transmitter. 

Minimizing power variation across the bandwidth is critical for achieving the best 

imaging performance [27]. Variation of the generated power results in variation of both 

the radiated power (having an amplitude of 𝑉𝑅𝐹) and the LO power (having an amplitude 

of 𝑉𝐿𝑂) that is injected to the down-conversion mixer. Therefore, the IF signal level 

(𝑉𝐼𝐹 ∝ 𝑉𝑅𝐹 × 𝑉𝐿𝑂) is sensitive to the power variation. The variation of IF level across 

the band degrades the range resolution. A wide bandwidth design of the antenna and 

matching network is required to efficiently extract and radiate the generated second 

harmonic. Hence, a wideband slot antenna is implemented at the transmitter side. 

Besides, the feed of the antenna is single ended which is compatible with our power 

generation scheme. The output matching network and the slot gap size are optimized to 

provide more than 40GHz of bandwidth. This covers the whole VCO bandwidth and 

tolerates the possible process variations. The reflection coefficient of the slot antenna is 

shown in Fig. 2.7(a). The matching network is designed to have the maximum radiated 

power at the center of the band. As a result, the variation of the radiated power across 

the band would be smaller and symmetric around the center frequency. To suppress the 

substrate modes, a high resistive hemispheric lens is assembled to the backside of the 
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chip as shown in Fig. 2.7(b). The simulated radiated power of the transmitter and its 

tuning range is illustrated in Fig. 2.8. In simulation, the transmitter radiates a peak power 

of -0.5dBm with only 2.5dB of variation across the bandwidth. The slot antenna is 

implemented on the top metal layer that is connected to the distributed ground plane as 

shown in Fig. 2.9(a). A finger capacitor is used at the feed point for DC isolation of the 

antenna and the supply. The simulated radiation pattern of the antenna with a gain of 

16.5dBi is shown in Fig. 2.9(b). 

 

Fig. 2.9. Transmitter antenna. (a) The dimension of the transmitter slot antenna. (b) 

Radiation pattern of the antenna. 
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Fig. 2.10. Down-conversion mixer. (a) Subharmonic down-conversion mixer structure. 

(b) Output SNR variation due to variation of injected LO power. (c) Output SNR 

variation due to the bias variation. 
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2.4. Receiver Front-End 

The extracted LO power by the couplers is at the fundamental frequency. Hence, by 

implementing a subharmonic mixer at the receiver, no frequency doubler is required, 

[36]. The P-N junction of a bipolar transistor is used as the nonlinear element for RF 

down-conversion as shown in Fig. 2.10(a). The LO power is delivered to the base and 

the RF signal to the emitter via the Rx. antenna. To lower the sensitivity of the receiver 

to the common-mode noises, a differential signal is preferred at the base-band. 

Therefore, at the Rx. side a dipole antenna is employed which provides a wide 

bandwidth response as well as a balanced signal. The folded dipole antenna is preferred 

over its dipole counterpart, since it offers 4 larger input impedance [37]. It simplifies 

the matching networks of the Rx. antenna and the mixer. Co-design of the antenna and 

subharmonic mixer is utilized such that any extra matching network between the Rx. 

antenna and the mixer is not necessary. Consequently, the loss in the RF path is 

minimized. The nonlinearity of the bipolar transistor is governed by the voltage across 

the base-emitter junction. Hence, the conversion loss of the mixer is sensitive to the 

junction bias and the LO amplitude level. Based on the simulations, the injected LO 

amplitude at the mixer port varies from 300mV to 500mV. It degrades the output SNR 

by 9.1dB across the band as shown in Fig. 2.10(b). To overcome this issue a 2kΩ resistor 

is placed at the middle point of the antenna (Node P) to ground. It provides a feedback 

loop and desensitize the performance from the variations. Adding this resistor stabilizes 

the operation region of 𝑄𝑚 and keeps this transistor in the active region while the LO 

amplitude is changing across the band. The node P is transparent for the balanced RF 
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signal. Consequently, the Rx. performance is not degraded while variation of the SNR 

is limited to only 1.2dB as shown in Fig. 2.10(b). In addition, the sensitivity to DC bias 

of the mixer is significantly lowered as illustrated in Fig. 2.10(c). 

The polarization of the Tx. and Rx. antenna should be matched otherwise the 

received power level degrades. Considering the slot antenna is linearly vertically 

polarized, folded dipole antenna would be linearly horizontally polarized based on 

duality theorem [37]. Hence, Tx. and Rx. antenna should be implemented perpendicular. 

To minimize unwanted coupling of the Tx. and Rx. antenna and lower the leakage level, 

the dipole antenna is shielded at a distance of 46m by all the available metal layers. 

Nevertheless, there is still coupling through the substrate and near-field cross talk of the 

antennas. The nearfield coupling of the Tx-Rx antenna is simulated and shown in Fig. 

2.11. Based on the EM simulations an isolation of better than -22dB is achieved, while 

it is -36dB at the edge of the band. Given that the near field coupling of the antennas 

only generates a DC component at the IF which is filtered by the high pass filter of the 

following stages. The dimension of the Rx. antenna and its simulated radiation pattern 

is illustrated in Fig. 2.12(a). Bearing in mind that the Tx. antenna is at the center of 

silicon lens, the Rx. antenna will be off-axis. As a result, the beam of the receiver is 

tilted [38] as shown in Fig. 2.12(b). It results in degradation of ~4𝑑𝐵 in gain of the Rx. 

antenna. Hence, a 𝐺𝑟= 9.25dB at an incident angle of θ=0 is attained. 
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Fig. 2.11. Simulated isolation of the Tx-Rx antenna. 

 

 

Fig. 2.12. Receiver antenna. (a) The dimension of the receiver folded dipole antenna. 

(b) Pattern of the antenna. 

The differential IF signal is filtered and buffered through an on-chip differential to 

single-ended LNA and delivered to the pad. Implementation of an active RC-filter right 

after the mixer increases the input noise level of the Rx. frontend. Therefore, an LNA is 

implement right after the mixer. The LNA structure is shown in Fig. 2.13(a). In this 

structure, the leakage is filtered by a first order high pass filter to provide enough 

rejection of the leakage signal while making sure that the LNA is not saturated. As we 

mentioned before, the leakage components are generated by the multi reflection of the 
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radiated wave at the si-air interface. Considering a chirp rate of 4kHz, the first leakage 

component is generated at an IF frequency of 8kHz, considering that the wave is 

propagated inside the 5mm si-lens. In addition, based on the simulation result of Fig. 

2.8 a maximum radiated power of ~-0.5dBm is expected. By considering that at the si-

air interface almost 1/3rd of the power is reflected back (5dB attenuation) a maximum 

incident power of no more than -5.5dBm is expected at the Rx. antenna. Therefore, the 

cut-off frequency of the filter is chosen such that the LNA is not saturated for such signal 

at the Rx. antenna. It is noteworthy to mention that if a higher attenuation of the leaked 

signal at the IF is required, a high order sharp active RC filter can be implemented after 

the LNA to achieve higher rejection of the leakage while noise performance of the filter 

would not be a concern. The gain and the output noise spectral power density of the 

LNA are shown in Fig. 2.13(b). Based on the simulation result a total noise figure of 

25.8dB and a conversion gain of 42.5dB with an almost flat response is achieved for the 

Rx. frontend. For a 4kHz of bandwidth the simulated output SNR vs. the received power 

is shown in Fig. 2.14 which corresponds to a sensitivity of -112dBm. 
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Fig. 2.13. Low noise amplifier. (a) The structure of the implemented LNA (b) The 

simulated performance of the LNA. 
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Fig. 2.14. The simulated output SNR of the Rx. chain vs. the input power. It is used to 

calculate the sensitivity of the receiver. 

2.5. Experimental Results 

The imaging system is implemented in a 0.13m SiGe:C BiCMOS process from 

STMicroelectronics. The chip micrograph is shown in Fig. 2.15 with a compact area of 

0.72m2. As mentioned, the Tx. and Rx. antennas are implemented perpendicular to 

each other. This arrangement also compacts the design and shortens the LO to Rx. 

routing length. 

850 m

8
5

0
 

m

Tx. Antenna

R
x

. A
n

te
n

n
a

 

Fig. 2.15. Die micrograph of the fully integrated FMCW imaging radar. 
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2.5.1. Transmitter Measurement 

The transmitter radiates through the substrate. Hence, to eliminate the lossy 

substrate waves, a high resistive hemispheric silicon lens is mounted on the backside of 

the chip. To ease the packaging, the chip is first mounted on a piece of silicon wafer 

with a thickness of 500m. Then it is aligned to the center of the lens. Transmitter 

measurement setup is shown in Fig. 2.16(a). Output spectrum is measured using VDI 

WR-5.1 EHM followed by a horn antenna. The radiated beam is mixed with the 14th 

harmonic of an 11.5GHz source supplied by a signal generator. A measured radiation 

bandwidth of 154.5-182GHz (27.5GHz, 16%) is achieved as shown in Fig. 2.16(b). By 

rotating the chip in both azimuth and elevation angles the radiation pattern of the 

transmitter is measured and shown in Fig. 2.16(c). A directivity of 17.2dBi is achieved 

that is in good agreement with EM simulations. The radiated power is measured using 

an Ericson PM4 calorimeter. To make sure far-field power measurements, colorimeter 

received power is measured over a distance of 2-12cm. The received power is consistent 

with Friis equation for a far field distance of 6.3cm as shown in Fig. 2.16(d). By 

measuring the received power at a far field distance and using Friis equation the radiated 

power is calculated. The Maximum radiated power and the EIRP are measured to be 

790W and 16.2dB, correspondingly. The VCO consumes 55.6mW of power from a 

2.6V power supply. It results in a maximum DC to radiated power efficiency of 1.42% 

that is better than the state-of-the-art wideband VCO of [30]. Measured phase noise of 

the VCO for different tuning voltages is shown in Fig. 2.16(e). A phase noise level of -
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69.5dBc/Hz at 1MHz offset frequency at an oscillation frequency of 170GHz is 

measured. 
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Fig. 2.16. Transmitter measurement. (a) Spectrum and power measurement setup. (b) 

Measured tuning bandwidth and radiated power. (c) Measured radiation pattern. (d) 

Received power vs. distance. (e) Measured phase noise of the VCO. 

2.5.2. Receiver Measurement 

Receiver measurement setup is shown in Fig. 2.17(a). A 4kHz saw-tooth signal is 

applied to the VCO control voltage for frequency modulation to sweep the whole 

27.5GHz bandwidth. However, the chirp sweep rate can be increased to 40kHz. With 

no object in front of the imager, the IF signal is sampled which is generated by the Tx. 



 

63 

 

to Rx. leakage. Transceiver is turned on and off ten times and the leakage signals within 

a chirp period (T) are recorded and shown in Fig. 2.17(b). As shown the IF signal is 

fixed over time. Therefore, in the calibration phase this IF signal is stored and subtracted 

from all other IF signals in the presence of an object in front of the imager. It is 

noteworthy to mention that using a si-lens with impedance matching coating can 

significantly decrease the effect of multi-reflection and lowers the leakage level. The 

Receiver consumes 1.2mW of power from a 1.8V power supply which 0.3mW of the 

power is dissipated in the detector and the rest in the LNA.  
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Fig. 2.17. Receiver measurement. (a) Receiver measurement setup. (b) Recorded base-

band signal over time due to the leakage, T=
1

4𝑘𝐻𝑧
 is the chirp period. (c) Measured 

estimated flight distance. 

In order to measure the range estimation accuracy, a flat metal plate is placed in 

front of the imager at a distance of R=6cm and the system is calibrated. Then the 

reflector is moved backward by 5mm steps and the flight distance is estimated as shown 
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in Fig. 2.17(c). First, the flight distance is estimated just by calculating the FFT of the 

received signal with no further processing. An accuracy of better than 8.8mm at 11cm 

distance is achieved. As the distance increases, due to the chirp nonlinearity, the 

accuracy of range estimation degrades. Next, the nonlinearity in the chirp frequency is 

corrected with post signal processing. Instead of uniform sampling of the IF signal, it is 

resampled and interpolated non-uniformly such that the IF signal is aligned in phase 

[26]. As shown in Fig. 2.17(c), the effect of the chirp nonlinearity in range estimation 

is significantly degraded with post processing. The standard deviation of the estimated 

flight distance from its correct value is 7.8mm, which correspond to a range resolution 

of ~7.8mm. It can also be verified by defining the main lobe full-width at -6dB of the 

IF spectrum as the range resolution. Therefore, a reflector is placed at a distance of 10cm 

in front of the imager and the corresponding base-band signal is recorded and shown in 

Fig. 2.18(a). 

2

4

6

B
a

s
e
 B

a
n

d
 A

m
p

li
tu

d
e
 [

V
]

0

-2

-4

-6
0.2T 0.4T 0.6T

Time [s]

0 T0.8T

Leakage

BB - Leakage

BB + Leakage

(a)

Depth Coordinate [cm]

-20

-15

-10

-5

5

0

-25

-35

-40

2 4 6 8 10 12 14 16 18 20
-45

0

N
o

rm
a
li
z
e

d
 P

o
w

e
r 

[d
B

]

-30

(b)

1.4

 

Fig. 2.18. Range resolution measurement results. (a) Base-band signal corresponding to 

a reflector plate at 10cm distance, T=
1

4𝑘𝐻𝑧
 is the chirp period. (b)The processed range 

profile of a reflector at 10cm distance with Hamming window. 

According to ( 2.2), a theoretical range resolution of 5.5mm for 27.5GHz of 

bandwidth is expected whereas a rectangular window is used in calculation of FFT. 
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Rectangular window provides a side-lobe level of -13dBc. In practice, usually 

Hamming/Hanning window is used which provides a side-lobe level of -43dB/-32dB. 

As a result, the targets with small RCS can be detected in the vicinity of an object with 

large RCS. However, it widens the main lobe width by a factor of 2. The processed 

range profile of the target at 10cm distance is shown in Fig. 2.18(b). The main-lobe full-

width at -6dB is 14.0mm for a Hamming window, corresponding to a range resolution 

of 7.0mm which is in good agreement with the calculated value from standard deviation 

of the estimated distance.  

Usually amplitude correction algorithms are also applied to enhance the range 

resolution even further. As illustrated in Fig. 2.18(a), an IF signal with an almost 

constant envelop is realized. Hence, in our design, the degradation of range resolution 

due to the amplitude variation is negligible. Therefore, no amplitude adjustment 

algorithms needs to be implemented, in contrary to [16]. This simplifies the calibration 

of the imaging radar. 

For coherent structures, the sensitivity can be measured by the difference between 

the received power and the output SNR. To measure the sensitivity, a 5mm5mm flat 

metal plate is placed in field of view of the imager at a distance of R=6.3cm. The RCS 

of a flat plate at a normal incident angle can be calculated by [39] 

𝜎 = 4𝜋
𝐴2

𝜆2
 (2.12) 

where A is the area of the plate. The plate is carefully aligned to maximize the IF level. 

Using (2.1), a calculated received power of 𝑃𝑟 =-43.5dBm is expected. The values, 



 

66 

 

which are used for calculation of, 𝑃𝑟 are listed in TABLE 2.2. Output SNR is calculated 

by 

SNRo =
𝑉𝐼𝐹,𝑟𝑚𝑠
2

𝑉𝑛2 × 𝐵𝑊
 (2.13) 
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Fig. 2.19. Output noise power spectral density of the receiver. 

The output noise power spectrum density of the receiver is measured and shown in Fig. 

2.19. As a result, SNRo=57.1dB is expected referring to TABLE 2.2. Finally, the 

sensitivity is calculated as 

Sensitivity=𝑃𝑟 − 𝑆𝑁𝑅𝑜 (2.14) 

It results in a sensitivity of better than 87.3fW. 

2.5.3. Imaging Experiments 

The imaging setup is shown in Fig. 2.20(a). A Teflon focal lens is used to focus the 

beam and achieve the lateral resolution. A stepper motor is used to scan the object in X 

and Y directions. A floppy disk is scanned by 1mm steps in X and Y directions and the 

image is formed as shown in Fig. 2.20(a). Because of the wave scattering at the edges 

and the high sensitivity of the imager any holes in the Floppy disk is clearly exposed. 
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TABLE 2.2. MEASURED VALUES USED FOR CALCULATION OF THE 

SENSITIVITY. 
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Fig. 2.20. Practical imaging with the radar. (a) Measurement setup. (b) 2D and 3D 

images of a floppy disk, 2D image of a series of holes filled with water in a plastic 

frame, detection of fat tissue on a piece of meat and the 3D image of a metallic object 

constructed with the implemented FMCW imaging radar. 
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By performing range processing on the IF signal the depth information is extracted. 

As shown in the 3D image of the floppy disk, the edges are exposed in the image that is 

due to the different scattering behaviors on the boundaries. To justify the functionality 

of the imager for biomedical hydration sensing application, an image of several water 

columns filled with water, is taken and illustrated. To verify the functionality of our 

imaging system for hydration sensing applications, a piece of meat is imaged. First, the 

image is taken while there is a piece of fat on the meat, then the fat is removed and the 

image is taken again. The images clearly show the different reflection behavior of the 

fat tissue compared to the meat. A 3D image of an object (attenuator box) is taken which 

verifies functionality of the system for 3D image formation. Note that except the 4kHz 

saw-tooth signal (which can be easily implemented on the chip) no other external signal 

is required. Finally, in order to justify the stability of the radar operation over a long 

imaging acquisition time and verify the effectiveness and consistency of the leakage 

cancellation scheme, a key is raster scanned twice while an identical leakage signal is 

assumed for the two scans. The image is formed from 2600 pixels as illustrated in Fig. 

2.21 with a total acquisition time of 22 minutes. After one hour, the same key is imaged 

again, and then the two images are numerically compare by taking the difference of the 

two. As shown, the differential image has a much lower pixel intensity than the actual 

images. This justifies the radar operation over a long imaging acquisition process. 



 

69 

 

Scan 1 Scan 2 Difference

0

0.2

0.4

0.6

0.8

1

 

Fig. 2.21. A key is rescanned after one hour to show the stability of the radar operation. 

The difference of the two images is also illustrated. 

2.6. Conclusion 

In TABLE 2.3, performance of the implemented FMCW imaging radar is 

summarized and compared with other state-of-the-art THz radiators in silicon. We 

presented a fully integrated ultra-low power FMCW imaging radar that is capable of 

practical 2D and 3D imaging. In contrary to state-of-the-art FMCW radars that 

consumes a couple of watts of power our structure consumes only 64.7mW of power in 

total that can be run with a battery. The compact design of the transceiver with a total 

area of 0.72𝑚𝑚2  makes the system cost efficient. In this work, we exhibited the 

feasibility of low cost, low power and fully integrated silicon imaging instrumentation 

for future 2D and 3D practical imaging applications, such as biomedical hydration 

sensing, security screening and industrial quality control. 

 

 



 

70 

 

TABLE 2.3. PERFORMANCE SUMMARY AND COMPARISON WITH STATE-

OF-THE-ART IMAGING SYSTEMS. 

References Technology
Frequency

[GHz]

Radiated 

Power [W]

/ EIRP [dBm]

DC/RF  

Eff. [%]

[8]

[10]

This Work 130 nm SiGe 27.5 / 16.3%

Bandwidth 

[GHZ / %]

168.3 790 / 16.2

Sensitivity

1.42

130 nm SiGe 321 3.9 / 1.2 % 2030 / 21.1 0.41 70.1 pW

87.3 f W

130 nm SiGe 527.5 17 / 3.2 % 1000 / 26 0.40 12.6 nW
4

3

3

1

[7] 130 nm SiGe 280.5 9.0 / 3.2 % 190 / 9.4 0.06 1 nW
2,3

3                 230GHz/280GHz0 ft / fmax

4                 300GHz/450GHz. ft / fmax

1 Calculated over 4kHz band width.

2 Tx. is fabricated in 45nm CMOS               190GHz/220GHz and Rx. in 130nm SiGe. ft / fmax

[16] 130 nm SiGe 240 60 / 25 % 3160 / 31.6 0.16 NA
4

Total DC 

Power 

[mW]

Total Si 

Area     

[mm  ]

Fully 

Integrated

67

722

2500

180

1800

0.72

5.14

6.9

3.2

Imaging 

Technique

FMCW

Transmission

FMCW

Yes

Yes

Yes

Yes

No

2

[17] 130 nm SiGe 227 40 / 17.6 % 500 / 30 NA NA 3500 2.25 FMCWYes

3D Imaging / 

Range 

Resolution

No

Yes/7.0mm

No

No

Yes/2.57mm

Yes/3.8mm

Transmission

Transmission4.2

4

6

6 The chirp is generated off-chip at a frequency of 15GHz. 

5

5 Lock-in amplifier is used for signal integration. 

7 The total DC power consumption of the transmitter and receiver chips. 

7
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CHAPTER 3. An Ultra-Wideband Harmonic Radiator with a 

Tuning Range of 62GHz (28.3%) at 220GHz 

3.1. Introduction 

The mm-wave and terahertz (THz) applications include: high data-rate 

communication, high-resolution imaging radar and spectroscopy. They all require a 

wide bandwidth signal. Among these, imaging radars are developed as a reliable and 

cheap measurement technique for short range remote sensing applications. In an 

imaging radar, the cross range resolution can be improved by narrowing the beam of the 

antenna. It can be implemented using focal lens, making an array of the antennas or 

utilizing SAR techniques. On the other hand, range resolution (𝜎𝑟) is limited to the 

radiated bandwidth (BW) of radar signal as 

𝜎𝑟 =
𝑐

2 𝐵𝑊
 (3.1) 

which 𝑐 is the speed of light. As a result, to achieve a better range resolution, signals 

with a larger bandwidth should be generated. Going toward higher frequencies a wider 

bandwidth can be achieved. Besides, at higher frequencies the cross range resolution 

improves as well. Based on the Abbe diffraction limit, the spot size of a focused beam 

is proportional to the wavelength. As a result of going to higher frequencies, the spot 

size of the focused beam which can be achieved becomes narrower. 

On-chip generation of an ultra-wideband signal is challenging which requires new 

design techniques. This is because at mm-wave and THz frequencies the passives are 

quite lossy and contribution of parasitic capacitances in to the tank is significant. 
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On chip power generation close to or beyond 𝑓𝑚𝑎𝑥  is implemented either by a 

multiplier chain or using harmonic VCOs. The first method suffers from the conversion 

loss of the multiplier, while increases the silicon area and the DC power consumption. 

However, in general the harmonic VCOs are compact with a reasonable performance 

and a better power efficiency [1]-[3]. In [1] 22.3GHz (10.6%) of bandwidth at a center 

frequency of 210GHz is achieved. In [1] and [2] the varactors are eliminated due to their 

loss and the tuning is performed via the bias of the VCO. However, the output power is 

dropped quickly as the bias changes. In another approach the wide tuning bandwidth is 

achieved by switching between different oscillation bands in a multi-band VCO 

structure. In [3] by utilizing a band switching scheme, 39.3GHz (20.7%) of bandwidth 

at a center frequency of 190.5GHz is achieved. Nevertheless, using multi-band signal 

sources for imaging applications such as frequency modulation continuous wave 

(FMCW) radars is challenging. It is because the frequency and phase continuity and 

coherency of the signal may not be preserved within a chirp by switching between the 

bands. 

In this paper, a single-band ultra-wideband harmonic VCO is presented. The 

structure operates at a center frequency of 220GHz with a state-of-the-art tuning 

bandwidth of 62GHz. The generated signal is radiated by an on chip wide-band antenna 

with a reasonable DC to radiated power efficiency. 

3.2. Wide Bandwidth VCO Design 

In this section we will show that by optimum design of the passive embedding 

around the core transistor in a VCO the tuning bandwidth can be increased. 
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3.2.1. New Design Approach 

Colpitts oscillator provides a wider tuning range compared to push-push and cross-

coupled structures. It is because the effective parasitic capacitance of the active devices 

that contributed to the tank is smaller compared to other topologies. Therefore, to obtain 

a wide tuning range, Colpitts topology is utilized as core of the VCO. The core of 

Colpitts structure is modeled as shown in Fig. 3.1.  

TL1VB
Q1

Iout

XE

TL2

XB

Vtune

Cv

X1

 

Fig. 3.1. Simplified model of a mm-wave Colpitts VCO. 

The oscillation frequency of the VCO can be determined by calculating the input 

impedance looking in to the base of Q1 (XB), (for simplicity ignore the loss). In this 

structure, the quarter wavelength transmission line TL2 provides the DC current path to 

ground. As a result, the equivalent impedance at the emitter (XE) can be estimated just 

by the impedance of the varactor. It can be shown that the series combination of C𝑣 and 

C𝜋  (i.e. C𝑣 ∥ C𝜋  which C𝜋  is the BE junction capacitance of Q1 ) will be directly 

transferred to the base [4]. XB = −𝑗 [(C𝑣 ∥ C𝜋)𝜔]⁄  resonates with the inductive 

reactance provided by TL1 (X1) and determines the oscillation frequency. Hence, the 

minimum and maximum oscillation frequency corresponds to the minimum and 

maximum of XB that is directly related to the varactor capacitance ratio (C𝑣,𝑚𝑎𝑥/C𝑣,𝑚𝑖𝑛). 
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The XB vs. frequency for different value of 𝑉𝑡𝑢𝑛𝑒 is simulated and shown in Fig. 3.2(a) 

for 𝑙2≈𝜆 4⁄ . It is noteworthy to mention that the reactance of TL1 can be calculated as 

X1 = 𝑗𝑍0tan(𝛽𝑙1)  (3.2) 

which 𝑍0 and 𝛽 are characteristic impedance and phase constant of the line, respectively. 

Intersection of these two surfaces determines the oscillation frequency as shown in Fig. 

3.2(a). As a result, a tuning range of 91.6-110.4GHz at the fundamental for a 

conventional design is expected. 
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Fig. 3.2. (a) Simulated XB and X1 vs. frequency for different value of 𝑉𝑡𝑢𝑛𝑒 to determine 

the oscillation frequency for (a) 𝑙2≈0.25𝜆; (b) 𝑙2≈0.12𝜆. 
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Fig. 3.3. Schematic of the implemented ultra-wideband harmonic VCO. 
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In order to further increase the tuning range, variation of XB (or equivalently XE) for 

𝑉𝑡𝑢𝑛𝑒,𝑚𝑎𝑥 and 𝑉𝑡𝑢𝑛𝑒,𝑚𝑖𝑛 should be maximized. By choosing the 𝑙2 such that it resonates 

with the varactor capacitance at 𝑉𝑡𝑢𝑛𝑒,𝑚𝑎𝑥 (corresponds to C𝑣,𝑚𝑖𝑛) the XE will be at its 

maximum value (ideally infinite, though in reality limited by the loss). For 𝑉𝑡𝑢𝑛𝑒,𝑚𝑖𝑛, 

the varactor impedance dominates the impedance of TL2 . Therefore, XE  can be 

estimated just by the varactor capacitance for 𝑉𝑡𝑢𝑛𝑒,𝑚𝑖𝑛 . The XB  vs. frequency for 

different value of 𝑉𝑡𝑢𝑛𝑒 for an optimum value of 𝑙2 ≈ 0.12𝜆 is simulated and shown 

in Fig. 3.2(b). The intersection of XB  and impedance of TL1  (Eq. 2) specifies the 

oscillation frequency as illustrated in Fig. 3.2(b). Based on simulation results, a tuning 

range of 97.5-124GHz is expected which is considerably larger compared to the 

conventional design. 

The complete schematic of the designed harmonic VCO is shown in Fig. 3.3. Using 

a current reuse technique, the collector of 𝑄1  is cascoded through 𝑄2 . It boosts the 

generated power and isolates the resonance tank from the loading effect of the output 

matching network and the antenna. The two branches of the Colpitts VCO are connected 

at the drain of the tail current source transistor (M1). It enforces differential oscillation 

while kills the common-mode oscillation. Due to the differential oscillation the common 

node P is virtually ground at the fundamental and because of the large size of M1, it is 

considered as AC ground for the harmonics. Consequently, the core of the VCO can be 

modeled as what we discussed in Fig. 3.1. 
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3.2.2. Varactor DC Bias 

A pair of accumulation-mode varactors are used for frequency tuning. The DC bias 

voltages across the varactor plays a critical role in maximizing the tuning range. In 

practice 𝑉𝑡𝑢𝑛𝑒 is changed between the ground (i.e. 0V) and 𝑉𝑡𝑢𝑛𝑒,𝑚𝑎𝑥. 
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Fig. 3.4. (a) The C𝑣-V𝑡𝑢𝑛𝑒  profile of the varactor for different value of 𝑉𝐵 ; (b) The 

simulated quality factor of the varactor for different value of 𝑉𝐵. 

Note that the DC voltage across the varactor is 𝑉𝐸1-𝑉𝑡𝑢𝑛𝑒, which 𝑉𝐸1=𝑉𝐵-𝑉𝐵𝐸 and 

𝑉𝐵𝐸~0.85V. As a result, the DC bias at the base of Q1 (𝑉𝐵) affects the varactor C𝑣 versus 

V𝑡𝑢𝑛𝑒 profile. The C𝑣-V𝑡𝑢𝑛𝑒 profile of the varactor is simulated and illustrated in Fig. 

3.4(a) for different values of 𝑉𝐵. As shown in Fig. 4(a), in order to achieve a larger 

C𝑣,𝑚𝑎𝑥 a larger 𝑉𝐵 is preferred. However, the quality factor (Q) of the varactor trades 

with the capacitance ratio [5]. The Q of the varactor for different value of 𝑉𝐵 is simulated 

and shown in Fig. 3.4(b). Based on the simulation results for a 𝑉𝐵=1.7V the Q of the 

varactor drops to 0.5 at V𝑡𝑢𝑛𝑒=0. Simulation results show that at this value of 𝑉𝐵 due to 

the excessive loss of the varactor, the oscillation dies. However, for 𝑉𝐵=1.4V, with a 

Q=0.8, the oscillation is sustained for V𝑡𝑢𝑛𝑒=0. This means for 𝑉𝐵=1.4V, we can achieve 

an almost maximum capacitance ratio resulting in the maximum tuning range. 
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3.2.3. Wideband Antenna and Matching Network Design 

A wide bandwidth design of the antenna and matching network is required to efficiently 

extract and radiate the generated second harmonic. Slot antenna is selected for radiation 

due to its large bandwidth. It is at the expense of radiating through the lossy substrate, 

which excites the substrate modes that lowers the radiation efficiency. However, by 

mounting a high resistivity silicon lens to the back side of the chip the substrate waves 

can be eliminated. A simple matching network is required in order to minimize the loss 

and provide a wide bandwidth. Therefore, by co-design of the antenna and the matching 

network the antenna length and gap size are chosen such that by using two pieces of 

short transmission lines (TL4 & TL5) the antenna is power matched to the output of the 

radiator at the second harmonic. A finger capacitor is used in the matching network to 

isolate the DC voltage of the slot antenna and the VCO as shown in Fig. 3.3. This 

capacitor also acts as part of the matching network. The implemented slot antenna and 

its dimension is shown in Fig. 3.5(a). Input reflection coefficient of the slot antenna is 

simulated and shown in Fig. 3.5(b). Based on HFSS simulations, a matching bandwidth 

of ~88GHz is achieved. The simulation setup of the antenna while a hemispheric silicon 

lens attached on back side of the chip is shown in Fig. 3.5(c). Based on the HFSS 

simulations, an antenna gain of 17.1dBi is expected. 

3.2.4. Simulated Performance 

The transmission lines are implemented by grounded-coplanar waveguide (GCPW) 

line and the whole structure is simulated in HFSS. The frequency and radiated power of 

the implemented structure is simulated and illustrated in Fig. 3.6(a). Based on the 
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simulations a tuning bandwidth of 58.5GHz at a center frequency of 228GHz and a peak 

radiated power of -0.7dBm is expected. 
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Fig. 3.5. (a) The implemented slot antenna; (b) Reflection coefficient of the antenna; (c) 

Simulation setup of the antenna and its radiation pattern. 
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Fig. 3.6. (a) Simulated oscillation frequency and radiated power of the implemented 

radiator vs. tuning voltage; (b) The micrograph of the fabricated ultra-wideband 

radiator. 
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3.3. Measurement Results 

The ultra-wideband radiator is fabricated in a 55nm SiGe:C BiCMOS process from 

STMicroelectronics. The micrograph of the fabricated chip is shown in Fig. 3.6(b). The 

frequency measurement setup is shown in Fig. 3.7(a) which the output spectrum is 

measured using VDI WR-5.1/WR-3.4 EHM followed by the horn/diagonal horn 

antenna. The measured radiator bandwidth is 188.5-250.6 GHz (62.1GHz, 28.3%)  as 

illustrated in Fig. 3.7(b). 
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Fig. 3.7. (a) Frequency and power measurement setup; (b) Measured oscillation 

frequency and the EIRP; (c) Measured received power vs. distance. 

Since the radiation frequency falls in to both WR5.1 and WR3.4 band, the 

measurements up to 220GHz is performed by the WR5.1 equipment and beyond that 

WR3.4 equipment are used. The radiated power is measured using an Ericson PM4 

calorimeter as shown in Fig. 3.7(a). The received power is consistent with Friis equation 

for a far field distance of 7.5cm as shown in Fig. 3.7(c). The peak total radiated power 
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is measured to be 430W. With a total DC power consumption of 82.1mW from a 2.5V 

power supply a peak DC-to-RF efficiency of 0.52% is achieved. The measured radiation 

pattern of the radiator at a far field distance of 10cm is shown in Fig. 3.8(a) with a 

measured directivity of 18.2dBi which is in good agreement with the HFSS simulation 

results. Consequently, a peak effective isotropic radiation power (EIRP) of 14.5dBm is 

achieved. The measured EIRP across the bandwidth is shown in Fig. 3.7(b) with 7.4dB 

of power variation across the bandwidth. While providing a larger bandwidth compared 

to the wideband state-of-the-art VCO of [3], the power variation across the bandwidth 

is smaller (~11dB power variation in [3]). Measured phase noise of the radiator at the 

center oscillation frequency of 220GHz is -68.9dBc/Hz at 1MHz offset frequency as 

shown in Fig. 3.8(b). 
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Fig. 3.8. (a) The measured radiation pattern of the radiator; (b) The measured phase 

noise of the radiator. 

Measured performance summary of the fabricated ultra-wideband radiator is 

compared with state-of-the-art mm-wave wideband VCOs in TABLE I. To the best our 

knowledge this is the widest bandwidth among the integrated mm-wave VCOs and 

radiators. 

 



 

85 

 

TABLE 3.1. COMPARISON WITH STATE-OF-THE-ART WIDEBAND HARMONIC VCO 

Center Freq. 

[GHz]

References

Tuning Range

[ GHz / %]

Max. Output 

Power [dBm]

DC-to-RF 

Efficiency [%]

DC Power 

[mW]

Technology

[1] [2] [3] [6] This Work

210

22.3GHz / 

10.6%

1.4

2.2

61

130 nm 

SiGe

219.6

62.1GHz / 

28.3%

-3.7

0.52

82.1

55nm 

SiGe

293

17GHz / 

5.8%

-2.7

2.8

19.2

65 nm 

CMOS

239

29.8GHz / 

12.5%

-4.8

1.47

18.5

65 nm 

CMOS

190.5

39.3GHz / 

20.7%

-2.1

0.21

294

130 nm 

SiGe

Output 

Measurement
Probe RadiationRadiation ProbeProbe

Frequency 

Tuning
VCO bias VaractorVCO bias Varactor

Varactor -

Dual Band

[7]

256

16.7GHz / 

6.5%

4.1

1.14

227

65 nm 

CMOS

Probe

Varactor

Power / EIRP 

Variation [dB]
6.4 7.422.5 5.111.0 10.5

 

3.4. Conclusion 

In this work by proper design of the passive embedding around the core transistor 

in a Colpitts structure an ultra-wide bandwidth is achieved. By providing a wide 

bandwidth and reasonable radiated power the structure can be used for high resolution 

imaging and spectroscopy. 
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CHAPTER 4. A High Resolution 220GHz Ultra-Wideband 

Fully Integrated FMCW ISAR Imaging System 

4.1. Introduction 

Various theoretical and experimental attempts have been made to establish THz-

frequency sensing a new characterization tool for security screening, industrial quality 

control and biological hydration sensing applications [1]-[8]. There are two modes of 

active remote sensing: transmission and reflection based configurations. In 

transmission-based systems, the object is placed between the source and the detector. It 

is a two chips solution, which increases the cost and complexity of the system. For this 

type of imaging systems there has been coherent and incoherent works reported in the 

recent years, [6], [8]-[10]. In [8]-[11] incoherent structures are reported. In incoherent 

imaging systems the sensitivity of the receiver is degraded. As a result, a high radiation 

power at the source is required in order to achieve a reasonable SNR at the receiver 

output. Hence, in [9], [10] a continuous wave signal at tens of GHz is generated off chip 

by a signal source and is fed to off-chip frequency multiplier chains to generate the 

required THz radiation. In [11] the THz radiation is generated by a silicon chip. In such 

systems usually mechanical choppers are used to shift the IF signal to a non-zero IF 

offset in order to overcome the large flicker noise (1/f noise) power at an IF equal to 

zero [10]. Beside these challenges for an incoherent system only the power of the 

incident wave is detected and the phase information is not preserved, hence beam 

forming is not practical. We have recently demonstrated a transmission mode coherent 

imaging system [6], which overcome these drawbacks. However, it requires 
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synchronization between transmitter and receiver. In [6] a better sensitivity compared 

to the previous works is achieved, however, as the phase noise of the Tx. and Rx. are 

unrelated the output noise level is degraded. 

For most of the THz biomedical applications such as skin burn and corneal water 

content measurement, transmission based imaging systems are not practical. Hence 

reflection based structure should be used to detect the water content on the surface of 

the tissue. In a monostatic reflection configuration such as a Frequency Modulated 

Continuous Wave (FMCW) radar, the source and the detector are implemented on a 

single chip that lowers cost of the system. In addition, a significantly larger output signal 

level can be achieved, due to the coherent nature of the structure. Besides, the noise of 

incident wave and the local oscillator are correlated, it illuminate the phase noise of the 

signal, [7]. Noting that this is the case just for the short-range applications such standoff 

screening and biomedical imaging. In such system, the phase of the incident wave is 

also preserved which makes array beam forming practical. Additionally, as we can 

extract the range information, near field beam forming algorithms can be used which 

enhances the image quality. To achieve a fine lateral resolution with near-field 

beamforming, we need to know the distance of the target to both receiver and 

transmitter. This information are available in a monostatic FMCW imaging radar. 

Moreover, by obtaining the range information a 3D map of the target can be provided 

[5], [7], [12]. All these advantages are at the expense of design challenges such as 

wideband signal generation, system integration and dealing with second order effects 

such as Tx.-Rx. leakage and the chirp nonlinearities, etc., which are the focus of this 

paper. 
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In the imaging radars in order to achieve lateral resolution, one can use either focal 

lens/mirrors or array of antennas to form and focus the beam to the desire direction. To 

the best of our knowledge, almost all of recent THz imaging systems utilize the former 

one (i.e. focal lens/mirrors) to achieve lateral resolution, [5]-[11]. This technique has 

several shortcomings. Firstly, quality of the image is considerably degraded when the 

target is not at focal point of the lens/mirror. Indeed, the spot size of focused beam 

becomes wider as target moves away from the focal point. Secondly, as all the power is 

focused on a single spot on the target, during the image acquisition, only the 

characteristics of that specific point is obtained at each instant. It decreases the degree 

of freedom such as capability of doing beam forming at the receiver. 

The other solution to achieve lateral resolution is implementing an array of the 

antennas. Based on a simple calculation, in order to achieve a lateral resolution of ~2mm 

at 20cm distance, a narrow beamwidth of ~0.5 degree is required. This corresponds to 

a uniform rectangular array with more than 1,000 elements. At THz frequencies, 

implementation of such array at the Tx. side on silicon is quite challenging. This is due 

to the routing losses and the complexity in uniform distribution of the power among all 

the elements. On the other hand, implementation of the array at the Rx. side makes it 

practical to use digital beam forming that lowers the complexity. However, the relative 

phase information between elements should be constant. Hence the LO routing between 

all the elements needs to be symmetric and power losses in the distribution network 

should be compensated, which increases complexity. 

In a FMCW radar, the Inverse Synthetic Aperture Radar (ISAR/SAR) techniques 

can be used to provide lateral resolution through a single element. In SAR systems, the 
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target is stationary and the radar is moved. However, ISAR systems utilizes the 

movement of the target rather than the radar. In a SAR system, a single element with a 

wide beam-width is moved over the target and the received waves are collected at 

specific locations. Then by extracting the phase and range information, a narrow beam 

can be synthesized out of a wide beam-width antenna, using SAR algorithms [13]. 

Utilizing SAR/ISAR imaging, the lateral resolution is almost independent of distance to 

the target [8]. Thus, the target is not required to be in a specific location. This is in the 

contrary to a focal plane imaging that the target should be specifically at the focused 

spot of the beam. In SAR/ISAR configuration due to the large beamwidth of the single 

element, a larger area of the target is illuminated at each instant. Hence, using compress 

sensing algorithms, the number of required samples in space can be decreased even 

lower than the spatial Nyquist sampling rate [14]. It decreases the image acquisition 

time. In addition, having no focal lens/mirror simplifies the imaging and lowers the cost. 

All these advantages are at the expense of precise estimation of the range with a fine 

resolution, which required a wideband signal generation. Besides the phase coherency 

between all the samples should be preserved during the imaging acquisition time, in 

order to be able to perform the beamforming. 

In [12], an FMCW imaging radar at 80GHz is demonstrated, which utilizes SAR to 

achieve lateral resolution, however the chirp generation and the antennas are off-chip 

and bulky. In [15], an ISAR imaging radar is demonstrated at 140GHz, though the 

system is not integrated and off-chip frequency multiplier and antenna are used. In this 

paper, we present the first fully integrated FMCW imaging radar at THz frequencies 

that demonstrates practical ISAR imaging. The transceiver operates at a center 
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frequency of 221.1GHz and radiate an ultra-wideband chirp with a bandwidth of 

62.4GHz, corresponding to a measured range resolution of 2.7mm. The imaging system 

is used in an ISAR configuration to form images with a lateral resolution of better than 

2mm. The images quality are then compared with the focal plane imaging scheme. 

The rest of this paper is organized as follows. In Section II, implementation of the 

radar transceiver is presented. We first present the technique to provide a wideband 

signal generation by optimum design of the passive embedding. Next, design of receiver 

side including optimum design of the implemented sub-harmonic mixer is discussed. 

The designed radar is used in plane wave and focal plane imaging setups, hence in 

Section III, theoretical limits of these techniques to achieve lateral resolution are 

discussed. In Section IV, the fabricated radar transmitter and receiver are characterized 

first, and then the images of several objects for both focal plane and ISAR plane wave 

imaging are provided and compared. Finally, the paper is concluded in Section V. 
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Fig. 4.1. (a) The core of a Colpitts oscillator, (b) The varactor C-V profile, (c) Small 

signal model of the core of the Colpitts oscillator. 
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4.2. Transceiver Structure and Circuit Implementation 

4.2.1. Transmitter 

The range resolution is defined as the minimum separation (in range) of two targets 

that can be resolved as separate targets. It is determined by the bandwidth of the radiated 

signal. For a range resolution in the order of a couple of mm a radiation signal with tens 

of GHz bandwidth is required. Providing an ultra-wideband signal is quite challenging 

at THz/sub-THz frequencies. That is because at high frequencies the varactor 

capacitance is comparable with the parasitics, which effectively lower the 𝐶𝑣,𝑚𝑎𝑥/𝐶𝑣,𝑚𝑖𝑛 

of the varactor. In addition, by making the varactors larger they become quite lossy that 

limits the power generation. We have provided a systematic approach for design of the 

passive embedding around the core transistor in an VCO in order to maximize the tuning 

range in [7], [16]. The radiator core is a Colpitts configuration as shown in Fig. 4.1 (a). 

The Colpitts structure potentially provide smaller parasitics at the tank compared to the 

other topologies such as cross-coupled or push-push oscillator. Hence, it potentially can 

provide a wider tuning bandwidth [12]. In [7] we have shown that by proper design of 

the impedances at the emitter of a Colpitts structure we can maximize the tuning range 

for a given varactor. This is achieved by choosing an optimum value for the length of 

the transmission line TL1 as: 

𝑙1,𝑜𝑝𝑡 =
𝜐𝑇𝐿
𝜔𝐻

tan−1(
1

𝑍0𝜔𝐻𝐶𝑣,𝑚𝑖𝑛
) (4.1) 

where 𝜐𝑇𝐿 is the wave speed inside the transmission line, 𝑍0 and 𝑙1 are the characteristic 

impedance and physical length of TL1, 𝜔𝐻 the maximum desired oscillation frequency 
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of the VCO and 𝐶𝑣,𝑚𝑖𝑛 is the varactor minimum capacitance as shown in Fig. 4.1 (b). In 

the proposed technique, the varactor minimum capacitance (corresponding to 𝑉𝑡𝑢𝑛𝑒,𝑚𝑎𝑥) 

is resonated out with the transmission line TL1 at 𝜔𝐻. As a result, the impedance at the 

emitter is quite large and the effective input capacitance at the base of 𝑄1, according to 

the small signal model of Fig. 4.1 (c), can be estimated by 𝐶𝜇 i.e. 𝐶𝑖𝑛,𝑚𝑖𝑛 ≈ Cμ, (𝐶𝜇 is 

the collector-base junction capacitance). This capacitance will resonate with the 

inductance provided by TL2 and determines the oscillation frequency. On the other 

hand, for the 𝑉𝑡𝑢𝑛𝑒,𝑚𝑖𝑛 corresponding to 𝐶𝑣,𝑚𝑎𝑥, the equivalent impedance of the TL1 

and the varactor can be estimated by the varactor capacitance. Hence, at the lowest 

oscillation frequency (𝜔𝐿), the input capacitance at the base cab be estimated by the 

series combination of 𝐶𝑣,𝑚𝑎𝑥 and 𝐶𝜋 (𝐶𝜋 diffusion capacitance of 𝑄1) that are in parallel 

with Cμ, i.e. 𝐶𝑖𝑛,𝑚𝑎𝑥 ≈ (𝐶𝑣,𝑚𝑎𝑥 ∥ 𝐶𝜋)+𝐶𝜇. As a result, in the proposed technique an 

effective capacitance ratio (C.R) of  

𝐶. 𝑅 =
(𝐶𝑣,𝑚𝑎𝑥 ∥ 𝐶𝜋) + 𝐶𝜇

𝐶𝜇
 (4.2) 

will be achieved at the tank. This maximizes the tuning range of the VCO. In a 

conventional design which 𝑙1 is chosen as a quarter-wavelength transmission line the 

effective capacitance ratio is much smaller and equal to 

𝐶. 𝑅𝑐𝑜𝑛𝑣. =
(𝐶𝑣,𝑚𝑎𝑥 ∥ 𝐶𝜋) + 𝐶𝜇

(𝐶𝑣,𝑚𝑖𝑛 ∥ 𝐶𝜋) + 𝐶𝜇
 (4.3) 

In (4.1) the optimum value of TL1 is estimated based on the maximum desired 

oscillation frequency and the varactor minimum capacitance. It should be considered 

that 𝜔𝐻, cannot be any arbitrary large value due to the device limitations for power 

generation. Hence, 𝜔𝐻  is chosen based on the device performance and the desired 
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power level, which the device can generate. In our design, the radiator core is designed 

for a maximum oscillation frequency of 130GHz, which a reasonable power can be 

extracted from the device. The next question is choosing the value of 𝐶𝑣,𝑚𝑖𝑛 in (4.1). In 

the following, we will discuss the optimum size of the varactor, which should be chosen 

to maximize the tuning bandwidth. According to (4.2), a larger 𝐶𝑣,𝑚𝑎𝑥 is preferred in 

order to have a larger effective capacitance ration and hence a larger tuning bandwidth. 

However, the maximum capacitance that can be placed in the emitter is limited by the 

loss. This is because the provided negative impedance at the base is inversely 

proportional to the capacitance value at the emitter, [7]. Hence, we examine the 

oscillation condition of this structure in order to find this maximum value. According to 

Fig. 4.1, the input impedance at the base of the core transistor can be calculated by 

𝑍𝑖𝑛 = 𝑟𝑏 −
𝜔𝑇

𝜔
𝑋𝐸 − 𝑗(

1

𝐶𝜋𝜔
+ 𝑋𝐸) (4.4) 

where 𝑟𝑏 is the base connection loss, 𝜔𝑇 the current gain cutoff frequency of the device 

and 𝑋𝐸 is the equivalent impedance at the emitter [7]. Therefore, the input negative 

resistance at the base of core transistor can be calculated by 

𝑅− = 𝑟𝑏 −
𝜔𝑇

𝜔
𝑋𝐸 (4.5) 

As we discussed before at 𝜔𝐻 the impedance at the emitter (𝑋𝐸) is quite large hence the 

𝑅− would be a large negative value at 𝜔𝐻. Therefore, for 𝑉𝑡𝑢𝑛𝑒,𝑚𝑎𝑥 the oscillation 

condition can be satisfied. However, as we decrease the tuning voltage toward zero the 

capacitance of the varactor increases and 𝑋𝐸 becomes smaller that lowers 𝑅−. Therefore, 

at the lowest oscillation frequency (𝜔𝐿) corresponding to 𝐶𝑣,𝑚𝑎𝑥 we should make sure 
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that 𝑋𝐸 is still large enough in order to provide the required 𝑅− and sustaining the 

oscillation. At 𝜔𝐿 the 𝑋𝐸 can be estimated by only the varactor capacitance as 

𝑋𝐸 ≈
1

𝐶𝑣,𝑚𝑎𝑥𝜔𝐿
 (4.6) 

In order to sustain the oscillation and compensating the losses inside the tank the 

following equation should be satisfied. 

𝑅− = 𝑟𝑏 + 𝑟𝑇𝑙2 −
𝜔𝑇

𝜔
𝑋𝐸 < 0 (4.7) 

which 𝑟𝑇𝑙2 is the losses of TL2. 

𝐶𝑣,𝑚𝑎𝑥 <
𝜔𝑇

(𝑟𝑏 + 𝑟𝑇𝑙1) 𝜔𝐿
2 (4.8) 

Therefore, the maximum varactor size, which can be chosen, is limited by the losses 

as in (4.8). If we consider the loss of the varactor it will be added with the other losses 

in (4.8). The 𝐶𝑣,𝑚𝑎𝑥/𝐶𝑣,𝑚𝑖𝑛 of a varactor in a given process is usually a specific value. 

Hence, by finding the 𝐶𝑣,𝑚𝑎𝑥  the 𝐶𝑣,𝑚𝑖𝑛  value which should be used in Error! R

eference source not found. will be determined. By knowing the value of 𝑙1, 𝐶𝑣,𝑚𝑖𝑛 and 

𝜔𝐻, the length of TL2 will be calculated. At the oscillation frequency of the VCO, the 

impedance provided by TL2 should be equal to the input reactance of the base as: 

𝑍0 tan(
𝜔

𝜐𝑇𝐿
𝑙2) = [

1

𝐶𝜋𝜔
+

1

𝐶𝑣𝜔 − 1 𝑍0⁄ cot (
𝜔
𝑉𝑇𝐿

𝑙1)
] ∥

1

𝐶𝜇𝜔
 (4.9) 

where the term on the left side is the reactance of TL2 and the term on the right side is 

the input reactance at the base. By plugging 𝑙1, 𝐶𝑣,𝑚𝑖𝑛 and 𝜔𝐻 in this equation 𝑙2 will be 

determined. As initially the value of 𝜔𝐿 is unknown in (4.8) this design procedure would 

be interactive. As an example in our case we start with a reasonable varactor size (e.g. 

𝐶𝑣,𝑚𝑎𝑥/𝐶𝑣,𝑚𝑖𝑛=200/48fF in our designed process). Using (4.1) the value of 𝑙1,𝑜𝑝𝑡 and 

using (4.9) the value of 𝑙2 can be determined. Next,  𝜔𝐿 can be determined from (4.9) 
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for 𝐶𝑣 = 𝐶𝑣,𝑚𝑎𝑥. Finally (4.8) should be examined in order to make sure the oscillation 

can happen at 𝜔𝐿 for the chosen value of 𝐶𝑣,𝑚𝑎𝑥. In case that (4.8) is not satisfied a 

smaller varactor size should be chosen, however if (4.8) is satisfied it means that there 

is still room for increasing the tuning bandwidth by choosing a larger varactor size 

according to (4.2). 

(a)

(b)

-12

-10

-8

-6

-4

-2

0

-14

R
a
d

ia
te

d
 P

o
w

e
r 

 [
d

B
m

]

200

210

220

240

250

260

R
a
d

ia
te

d
 F

re
q

u
e

n
c

y
 [G

H
z
]

230

270

0 0.25 0.5 0.75 1.0 1.25 1.5 1.75 2.0
-14

Vtune [V]

190

Vtune

Vdd

Vb

Cv

Vbias

Vc1

Cv

2
nd

 Harmonic

Vc2Vc2

VddVdd

TL1 TL1

TL2 TL2

M1

Q1Q1

Q2Q2

Q3Q3

R
a
d

ia
to

r 
C

o
re

O
u

tp
u

t 

M
a

tc
h

in
g

VLO+VLO-

A
c
ti

v
e

 

C
o

u
p

le
r A

c
tiv

e
 

C
o

u
p

le
r

Buffer

Rc

P

 

Fig. 4.2. (a) The implemented ultra-wideband harmonic radiator; (b) Simulated radiated 

frequency and the radiated power of the transmitter. 

Using the proposed design technique with a varactor size of 

𝐶𝑣,𝑚𝑎𝑥/𝐶𝑣,𝑚𝑖𝑛=185/42fF these conditions are satisfied, while we kept some safe margin 

for in accuracy of modeling losses. Then, a differential Colpitts structure is implemented 

as shown in Fig. 4.2 (a). Due to the differential nature of this structure node N can be 

considered virtually ground at the fundamental oscillation frequency and the core of the 

VCO can be modeled as what we discussed before. In this structure, the 2nd harmonic 

of the oscillation is extracted from the top node and is radiated. The simulated radiated 
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frequency of the core as a function of 𝑉𝑡𝑢𝑛𝑒 is shown in Fig. 4.2 (b). According to the 

simulation results, an ultra-wide bandwidth of 200-259GHz is achieved. This structure 

has two modes of oscillation, common and the differential mode oscillation. As we need 

to make sure that the fundamental frequency components are automatically cancelled 

out at the output and are not leaked to the antenna, we need to make sure that the 

differential mode is dominant. Consequently, a 𝑅𝑐 =200 resistor is inserted between 

node P and the base bias voltage as shown in Fig. 4.2 (a). This resistor increases the loss 

of the common mode oscillation however for the differential oscillation the node P is 

virtual ground. Hence, differential mode oscillation is granted. Next, as shown in Fig. 

4.2 (a), the core transistors are buffered from the loading of the output network through 

the cascode transistors of 𝑄2. In addition, some part of the generated power inside the 

core is extracted by the active couplers of 𝑄3. The extracted power will be fed to the 

Rx. down conversion mixer. In this configuration as the DC current of the core 

transistors is reused, no additional DC power for the buffer and coupler is needed. This 

minimizes the DC power consumption of the transmitter. 

The generated second harmonic inside the VCO is extracted from top node and is 

power matched to an on-chip lens-coupled slot antenna. The slot antenna is used at the 

transmitter as it provide a wide bandwidth. The simulated radiated power of the radiator 

as a function of 𝑉𝑡𝑢𝑛𝑒 is shown in Fig. 4.2 (b). For packaging, the chip with a substrate 

thickness of 250m is attached to a piece of high resistive Si wafer with a thickness of 

500m as a support for wire bonding. Then it is mounted on a hemispheric Si-lens with 

a diameter of 10mm as illustrated in Fig. 4.3 (a). The antenna slot length and the gap 
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size are optimized to achieve a reflection coefficient of better than -10dB all across the 

radiation bandwidth. The simulated impedance of the antenna is shown in Fig. 4.3(b) 

with a reflection coefficient of better than -10dB all across the desired bandwidth. The 

simulated pattern of the Tx. antenna considering the effect of the lens on the pattern is 

shown in Fig. 4.3 (c) at 220GHz with 17dBi gain. The EM simulations are performed 

in ANSYS Electronics Desktop. It is noteworthy to mention that the lens surface has an 

offset of ~750m from the phase center of the Tx. antenna, as a result, although the Si-

lens is hemispheric but it mimics a hyper-hemispheric lens structure that causes a rise 

in the directivity. 
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Fig. 4.3. (a) The radar chip packaging, (b) Simulated impedance and the reflection 

coefficient of the Tx. antenna; (c) Simulated radiation pattern of the lens coupled slot 

antenna at 220GHz. 
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4.2.2. Receiver Design 

In this section the architecture and implementation of the receiver side is discussed. 

Typically, in a classical implementation of the radar, the LNA is the first block in the 

Rx. chain after the antenna. However, in a fully integrated structure the direct coupling 

of the Tx. and Rx. antenna generates a strong in band interferer at the input of receiver. 

This can saturate the LNA at the input of the Rx. front end and degrade the receiver 

performance. On the other hand, design of an ultra-wideband LNA with a reasonable 

gain and noise figure is challenging at the frequencies close to 𝑓𝑡  of the device. 

Consequently, we have implemented a mixer first structure to overcome the leakage 

problem. This is at the expense of noise figure degradation of the receiver. However, in 

a mixer first configuration after down conversion of the signals, the desired component 

can easily be frequency resolved from the component due to the leakage. This is because 

very sharp (high order) active filters can be implemented at the IF frequency (IF 

frequency is around tens of KHz up to couple of MHz). As an example, the direct 

coupling of signal from Tx. to Rx. antenna will generate only a DC component at IF. 

On the other hand, the signal of interest that is due to the reflection from the target, will 

generate an IF frequency in the order of hundreds of KHz. As a result, the leakage 

component can easily be filtered out. 

Having a differential signal at the receiver side is preferred hence; a folded dipole 

antenna is utilized at the receiver side. The antenna delivers the received THz wave 

differentially to the down-conversion mixers, as shown in Fig. 4.4 (a). 
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Fig. 4.4. (a) The co-designed sub-harmonic down conversion mixer and the Rx. folded 

dipole antenna; (b) Simulated conversion loss and the noise figure of the sub-harmonic 

mixer. 

A subharmonic mixer is used for signal down conversion. As shown in Fig. 4.1(a) a 

portion of the oscillator power was extracted via the active couplers that is injected to 

the mixer LO port at the base of 𝑄𝑚. In the following, we discuss the operation and 

design of the subharmonic mixer in order to minimize its conversion loss. The extracted 

signal from the core transistors via the couplers has two components, the fundamental 

frequency and the second harmonic. Conversion gain of this mixer is function of both 

the injected 2nd harmonic and the fundamental. Therefore, we can assume the delivered 

signal to the base of 𝑄𝑚 as 

𝑉𝐵 = 𝑉𝑑𝑐 + 𝑣𝐿𝑂,1 cos(𝜔0𝑡) + 𝑣𝐿𝑂,2cos (2𝜔0𝑡) (4.10) 

which 𝑉𝑑𝑐 is the DC bias of the transistor, 𝑣𝐿𝑂,1 and 𝑣𝐿𝑂,2 are the amplitude of the 

fundamental and second harmonic signals injected to the mixer. This voltage is 

considered the reference for phase, hence these components having a phase of zero. 

Now, consider the delivered THz signal to the mixer as 

𝑉𝐸 = 𝑣𝑅𝐹cos ((2𝜔0 + 𝜔𝐼𝐹)𝑡 + 𝜑) (4.11) 
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which 𝑣𝑅𝐹 is the magnitude of the received THz signal and 𝜔𝐼𝐹 is the frequency offset 

between the received wave and the instantaneous VCO frequency. As the mixer device 

is a hetero junction bipolar transistor, the nonlinearity of the device can be modeled as 

𝐼𝑐 = 𝐼𝑠𝑒
𝑉𝐵𝐸
𝜂𝑉𝑡  (4.12) 

which 𝐼𝑠 is the reverse bias saturation current, 𝜂 is the ideality factor and 𝑉𝑡 is the thermal 

voltage of the device. By expanding the Tylor series of (4.12) and ignoring the 4th and 

higher order polynomial components, the generated IF signal at the output can be 

estimated by 

𝑣𝐼𝐹 ≈
𝑅 𝑔𝑚
8

𝑣𝑅𝐹 (4
𝑣𝐿𝑂,2
𝜂𝑉𝑡

+ (
𝑣𝐿𝑂,1
𝜂𝑉𝑡

)2)cos (𝜔𝐼𝐹𝑡 + 𝜑) (4.13) 

which 𝑔𝑚 is the trans conductance of the mixer. Three facts can be conclude from this 

equation. Firstly, in a coherent detection scheme the output signal level and hence the 

output SNR is proportional to the input signal level as 𝑣𝐼𝐹  𝑣𝑅𝐹. Secondly, the IF level 

is boosted as it is multiplied to the 𝑣𝐿𝑂,1 or  𝑣𝐿𝑂,2 which is quite large than 𝑣𝑅𝐹. Thirdly, 

the phase of the incident wave (𝜑) is preserved, therefore the phase information can be 

used for beamforming purposes. These are on the contrary with an incoherent detection 

scheme which 𝑣𝐼𝐹  𝑣𝑅𝐹
2 , which results in a much smaller IF level besides the phase 

information is not preserved in an incoherent detection scheme. According to (4.13) two 

components contribute in generation of the IF signal. The first component is caused by 

direct mixing of the THz signal and the delivered 2nd harmonic from the VCO. The other 

component comes from the mixing of THz signal and the generated second harmonic 

inside the mixer. The later component is produced due to the nonlinearity of the mixer 

that converts the fundamental frequency to the second harmonic. This component 
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results in a much larger IF level. This is because 𝑣𝐿𝑂,1 ≫ 𝑣𝐿𝑂,2. As an example in out 

design, the voltage level of these two components is different by a factor of 16. 

Therefore, the mixer acts as a sub-harmonic mixer. Consequently, the conversion gain 

of the harmonic mixer can be estimated by: 

𝑣𝐼𝐹 ≈ 𝑣𝑅𝐹
𝑅𝑔𝑚 

8
 (
𝑣𝐿𝑂,1
𝜂𝑉𝑡

)2cos (𝜔𝐼𝐹𝑡 + 𝜑) (4.14) 

According to this equation a larger swing of the LO at the base is preferred to maximize 

the IF level. Hence, a minimum size transistor is implemented as the mixer. It provides 

a large input impedance at the base that helps to maximize the swing at this node. 

For the antenna implementation, both dipole and folded dipole antennas provide 

differential RF signals, however folded dipole antenna provide a larger output 

impedance compared to a dipole antenna. Theoretically, this antenna can provides 4 

times larger input impedance, [16]. Consequently, for a fixed incident power at the Rx. 

antenna the provided RF magnitude would be larger that according to (4.14), increases 

the IF level and the output SNR. The higher impedance of a folded dipole antenna also 

makes it practical to directly match the antenna to the input of the mixer while no 

interconnect matching network is required. This minimized the losses at the input of the 

receiver. In a folded dipole antenna, the middle point has a current density of zero 

therefore this point can be connected to ground. This provide the DC current path for 

the mixers as shown in Fig. 4.4(a). Finally, the noise figure and conversion loss of the 

implemented sub-harmonic mixer is simulated and shown in Fig. 4.4 (b). 
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Fig. 4.5. (a) Implemented Rx. folded antenna; (b) Implemented folded dipole antenna 

pattern; (c) Tx.– Rx. antenna isolation. 

The dimension of the implemented folded dipole antenna is shown in Fig. 4.5 (a). 

The radiation pattern of this antenna is simulated and shown in Fig. 4.5 (b) with a peak 

directivity of 10.5dBi. The isolation of the Tx. and Rx. antenna is simulated and shown 

in Fig. 4.5 (c) across the radiation bandwidth. 

In the following, the effect of this coupling is discussed. The coupled Tx. signal to 

the receive antenna will generate the following component at the emitter port of the 

mixer 

𝑉𝐸,𝑙𝑒𝑎𝑘 = 𝑣𝐿𝑂,2
′ cos (2𝜔0𝑡 + 𝜃) (4.15) 

where 𝜃 is the phase difference between 𝑉𝐸,𝑙𝑒𝑎𝑘 and the LO signal at the base defined in 

(4.10). This phase shift is a function of the distance between Tx. and Rx, antenna and 

their impedances; hence, it is not well determined. This component at the emitter is 

mixes with the received THz signal and generate an IF component exactly at the 𝜔𝐼𝐹. 
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The phase of this component is not necessarily aligned with the phase of the generated 

IF signal in (4.14). Hence if this component is strong enough it might even degrade the 

IF level as its phase (𝜃) is not determined. Therefore, we have to make sure this 

component is quite small. According to the simulations in Fig. 4.5 (c) for the worst-case 

scenario, the isolation between the antenna is better than -22.8dB. Considering that the 

maximum radiated power of -2dBm, a voltage level of 𝑣𝐿𝑂,2
′ =9.5mV will be generated 

at the mixer port according to the simulation results. As 𝑣𝐿𝑂,2
′ ≪ 𝑣𝐿𝑂,1, based on to (4.13) 

the generated IF component through this mechanism can be neglected and we can make 

sure that the direct coupling of the Tx. and Rx. antennas does not affect the level of the 

desired IF component.  

By providing a radiation bandwidth of 𝐵𝑊=59GHz a fine range resolution (σ𝑟) of 

~2.5mm can be achieved as: 

σ𝑟 =
𝑐

2𝐵𝑊
 (4.16) 

which 𝑐 is the speed of light. In order to achieve lateral resolution our imaging radar can 

be used in both focal plane and plane wave imaging schemes. Therefore, in the next 

section we briefly discuss the theoretical limits of these two techniques for achieving 

lateral resolution. 

4.3. Plane Wave and Focal Plane Imaging: Comparison and 

Theoretical Limits 

4.3.1. Plane Wave Imaging 

In this section plane wave imaging schemes such as SAR and ISAR algorithms 

studied and the challenges at THz frequencies is discussed. The image reconstruction 
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procedure in SAR and ISAR are identical, however it is more intuitive to understand the 

image reconstruction algorithm by moving the radar. Hence, for now, we just consider 

the first scheme that the radar is swept over the target. Then same explanation is 

extended to ISAR image formation. To achieve lateral resolution in plane wave imaging 

scheme, using SAR, the radar position is swept in a uniform grid in X & Y directions 

as shown in Fig. 4.6. The received signal at each location is recorded for post processing.  
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Fig. 4.6. Demonstration of the sampling procedure and image formation scheme for 

SAR. 

The nearfield beamforming is used for reconstruction of the image as follows: First, 

the object plane is divided to an arbitrary number of meshes as shown in Fig. 4.6. Next 

at each sampling point in space the intensity (amplitude) and the corresponding phase 

of the reflected wave from each of these mesh points at the object plane is extracted 

using the range information. Noting that all these info (intensity, phase and range) are 

extracted from the FFT of the received signal. Next, in order to perform the near-field 

beam forming, the signal received from each grid point of the object is time delayed 

proportional to its distance from the sampling location by 
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∆𝒕 =
2𝒅𝑹

𝑐
 (4.17) 

𝒅𝑹 is the distance matrix. For each sampling location, the elements of 𝒅𝑹 are equal to 

the distance between the radar position and the center of a specific mesh in the abject 

plane. The time delay in frequency domain corresponds to multiplying the range profile 

to the  

∆𝝋 = 𝑒𝑗(2𝜋𝑓0×
2𝒅𝑹
𝑐

)
 (4.18) 

where 𝑓0 is the center frequency of the chirp. Finally, this process is repeated for all the 

other sampling point and the received signals from each mesh point are coherently 

added to form the image. This process can be expressed mathematically as  

𝐼(𝒙) =∑ 𝑆𝑛(
2𝐾

𝑐
𝒅𝑹) ×

𝑛
𝑒𝑗(2𝜋𝑓0×

2𝒅𝑹
𝑐

)
 (4.19) 

where 𝐼(𝒙), is reflectivity of the scene, 𝑆𝑛 is the Fourier transform of the received signal 

at location n and 𝐾 =𝐵𝑊 𝑇𝑚⁄  where 𝑇𝑚 is rate of the chirp. The summation is over all 

the samples. This equation is also derived in [17] with a mathematical solid approach. 

According to this equation, the estimated range accuracy should be much smaller than 

the wavelength as the applied phase shift is equal to 4𝜋 × 𝑅 𝜆0⁄  (𝜆0 is the wavelength 

of the radiated wave at the center frequency). This makes SAR imaging challenging at 

THz frequencies, as the wavelength is quite small compared to the range. As an example 

a range estimation error of 𝜆0/4 (which is only 325𝜇m at 230GHz) will introduce a 

phase error of 180 degree. As a result, instead of constructive summation of the signal, 

it is added distractively to the summation, which significantly degrade the image quality. 

The error in range estimation comes from two sources, first the error in the location of 

the chip, and secondly and more importantly the range estimation error by the radar 
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itself. The first source of the error is not dominant, as a sensor location error of 500𝜇m 

would result in a range estimation error of only 1𝜇m for an object at 16cm distance 

however; the range estimation error of 500𝜇m would result in a range estimation error 

of 500𝜇m. The range accuracy in a radar system is in fact a function of the SNR of the 

detected signal. In our designed system, the required signal level is granted by the low 

conversion loss of the Rx. frontend that is mainly achieved due to the coherent nature 

of the radar. 

The lateral resolution in a SAR/ISAR system is a function of the wavelength of the 

radiated signal (𝜆) and the beamwidth of the antenna as  

σ𝑋,𝑌 =
𝜆

2𝜃𝐸,𝐻
 (4.20) 

where  is the beamwidth of antenna in E or H planes [8] in radian. According to (4.20), 

an advantage of SAR/ISAR technique is that the lateral resolution is independent of the 

distance to the target. In our design with an antenna beamwidth of ~15deg, a lateral 

resolution of ~2.6mm is expected at 230GHz, independent of the radar distance to the 

target. In an ISAR system with a 2D grid scanning points, a 3D map of the target can be 

reconstructed. This can be achieved by shifting the object plane in the depth coordinate 

during the signal processing and stacking the images in order to form a 3D map of the 

scene using isosurface data. 

4.3.2. Focal Plane Imaging 

In a focal plane imaging scenario, focal lenses/mirrors are utilized to narrow the 

beam. By using a bi-convex spherical lens with a diameter of D and a focal length of 𝑓𝑙, 

the beam waist of the focused beam can be estimated by [18] 
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𝜎𝑋,𝑌 =
2∙𝜆

𝜋∙𝑠𝑖𝑛 (
𝐷

2∙𝑓𝑙
)
  (4.21) 

Therefore, a Teflon lens with D/f=0.5 provides a beam-waist of 3.5mm at 230GHz 

As a result, a lateral resolution of ~3.5mm is expected theoretically. Simulations results 

also verifies this. The optical setup of Fig. 4.7(a) is simulated and the intensity of the 

EM field at the focal point is illustrated in Fig. 4.7(b). Based on the simulation results a 

beam waist of ~3mm is expected at the focal plane of the lens. It is noteworthy to 

consider that according to the theoretical analysis we expected a slightly better lateral 

resolution in the plane wave imaging scenario. Moreover, in a focal plane-imaging 

scheme the target needs to be within the focal depth of the beam otherwise the lateral 

resolution will be degraded. According to Fig. 4.7(c) the focal depth of the beam is only 

~ 26mm. However, in an ISAR technique, for several objects and different distances; 

similar lateral resolution can be achieved. 
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Fig. 4.7. (a).Simulation setup for focal plane imaging; (b) Intensity of the beam at the 

focal plane of the beam (x-y cut); (c) Intensity of the beam in depth coordinate (x-z cut). 
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4.4. Experimental Results 

In this section, the measured performance of the Tx. and Rx. front end is presented. 

Then, practical focal plane and plane wave images of an object as a benchmark are 

formed and compared. The radar is fabricated in a 55nm SiGe BiCMOS process. The 

micrograph of the chip is shown in Fig. 4.8 with a total silicon area of only 

770m670m. It is noteworthy to notice that the Tx. and Rx. antenna are implemented 

perpendicularly for polarization matching of the antennas. This is because of the duality, 

hence in order to have a vertical polarization in both antenna, one should be 

implemented perpendicularly to the other one. The radar measurement setup is shown 

in Fig. 4.9. 
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Fig. 4.8. Die micrograph of the radar. 
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Fig. 4.9. The radar measurement setup. 
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Fig. 4.10. (a) Frequency and power measurement setup; (b) Measured radiated 

frequency and the radiated power of the radiator across the bandwidth; (c) Measured 

radiated pattern of the radiator at 221GHz. (d) The measured phase noise of the radiator. 
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The slot antenna radiates through the substrate, therefore a high resistive 

hemispheric Si-lens is attached to backside of the chip in order to eliminate the lossy 

substrate waves. For the packaging, the chip is mounted on a piece of high resistive Si 

wafer. Then the Si-lens is aligned with the chip. The frequency measurement setup is 

shown in Fig. 4.10(a). In the following as the radiation frequency falls in both WR.5.1 

and WR.3.4 bands, the measurements up to 220GHz is performed with the WR. 5.1 

equipment and beyond that the WR3.4 equipment are used. The radiated frequency as a 

function of tune voltage is measured and illustrated in Fig. 4.10(b). The frequency is 

continuously tuned between 189.9-252.3GHz, which corresponds to an ultra-wide band 

radiation bandwidth of 62.4GHz (28.2%) at a center frequency of 221.1GHz. 

The power measurements setup is shown in Fig. 4.10(a). The Ericson PM4 power 

meter is used as the power sensor. The radiation pattern of the Tx. antenna is 

characterized by rotating the chip in both elevation (theta) and azimuth (phi) directions 

with steps of 1 degree. The measured normalized radiation pattern of the radiator in E 

and H planes is illustrated in Fig. 4.10(c). The radiation directivity of Tx. antenna is 

calculated by  

𝐷0 ≈ 4𝜋
𝐹𝜃=0

𝜋2

𝑀𝑁
∑ ∑ 𝐹(𝜃𝑗,𝜑𝑖)

𝑀
𝑖=1 sin (𝜃𝑗)

𝑁
𝑗=1

  (4.22) 

where F is the radiation intensity, M is the number of pattern cuts what is equal to 2 in 

our case and N is the number of measurements points in each cut, [16]. It is noteworthy 

to mention that for directive antennas, measurement of only two orthogonal cuts are 

sufficient for estimating the directivity. According to the measurement results, a peak 

directivity of 18.6dBi is achieved. Using the calorie meter, the measured peak radiated 
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power is -4.6dBm. The radiated power across the band is measured and illustrated in 

Fig. 4.10(b) with ~7.2dB power variations across the tuning range. The radiator core 

consumes 65mW of DC power. This correspond to a peak DC-to-RF efficiency of 

0.53%. The active couplers also consume 20.8mW of DC power. Finally, the measured 

phase noise of the radiator at the 190GHz and 252GHz is illustrated in Fig. 4.10(d). 

To measure the range resolution and range accuracy a flat plate metal with dimension 

of 3mm3mm is placed in front of the radar and is moved backward by steps of 5mm. 

First, we have applied a linear ramp as the control voltage with a rate of 20kHz, the 

estimated range is shown in Fig. 4.11(a). 
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Fig. 4.11. (a) The estimate range via radar, for the nonlinear and  linear chirp; (b) Range 

profile of a single spot scatterer at 20cm distance for nonlinear and linear chirp; (c) 

Virtual PLL implementation; (d) The voltage waveform applied to the control voltage 

for compensating the chirp nonlinearity. 
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As shown due to the nonlinearity of the chirp there is a significantly large error in 

estimation of the range. To compensate the chirp nonlinearity the inverse of 𝑓 − 𝑉𝑡𝑢𝑛𝑒 

profile is generated by an AWG card and applied to the tune voltage. The estimated 

range is measured and illustrated in Fig. 4.11(a), which the nonlinearity of the chirp is 

compensated. As shown precise estimation of the range is achieve. A representative 

range profile of a point target at 20cm is shown in in Fig. 4.11(b) for these two cases. 

As illustrated the chirp nonlinearity significantly degrades the range resolution and 

spread the IF spectrum however by compensating this nonlinearity a sharp IF peak is 

achieved. By defining the range resolution as the half of the main lobe width at -6dB 

point of the FFT with a hamming window, a range resolution of 2.7mm is achieved. 

In case that the 𝑓 − 𝑉𝑡𝑢𝑛𝑒 and hence its inverse is not known, we can extract the 

proper 𝑉𝑡𝑢𝑛𝑒 profile in the calibration phase. Therefore, we have implemented a virtual 

PLL as shown in Fig. 4.11(c). In this structure, a 5th order polynomial function is 

assumed as the control voltage. Then through an PSO optimization technique the 

coefficients are adjusted such that the 6dB point of the IF fft is minimized. This 

corresponds to the best range resolution and a linear chirp. The tune voltage waveform 

provided by the virtual PLL is compared with the inverse of the 𝑓 − 𝑉𝑡𝑢𝑛𝑒 profile in Fig. 

4.11(d). As illustrated the two profile are almost identical with a negligible difference. 

Using this waveform as the tune voltage the range resolution is ~2.66mm that is similar 

to the value that was achieved before. At the receiver side the Rx. sub-harmonic mixer 

and the LNA followed by the mixer consume only 1.2mW of power. As a result, the 

radar chip, consumes a total DC power of only 87mW. 
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The stencil shape reflector of Fig. 4.12 (a) with different hole sizes and shapes is 

used as a benchmark to justify the performance of the radar for imaging purposes. 

 

Fig. 4.12. (a) Stencil reflector as a benchmark for imaging, the dimensions are in mm; 

(b) Plane wave-imaging setup; (c) Experimental results of ISAR image of the stencil at 

15cm from the radar for a spatial sampling distance of 1mm; (d) The 3D image of the 

scene from the reconstructed volume; (e) Reconstructed ISAR image for a spatial 

sampling distance of 2mm to demonstrated the effect of the grating lobes; (f) 

Experimental results of ISAR image of the stencil at 23cm distance. 

 The Measurement setup of plane wave imaging is shown in Fig. 4.12 (b) noting that 

no focal lens/mirror is used. The object is placed at 15.0cm distance from the radar and 
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is moved in a 11080 grid with a spatial sampling distance of 1mm. The mechanical 

movement and recording the signal takes almost 0.3second/sample. This time is limited 

by the mechanical movement of the stage. With a chirp rate of 𝑓𝑚=20kHz, an IF 

frequency of ~1.24MHz for an object at 𝑅=15cm is expected. Such IF signal can simply 

be digitized and processed. Next, using (4.19) the receiver data are processed and the 

image is reconstructed as shown in Fig. 4.12 (c). By reconstructing the image for 

different depths, 3D image of the object is formed and shown in Fig. 4.12 (d) according 

to the isosurface data. As illustrated in Fig. 4.12 (c) and (d), the holes with a diameter 

of 2mm and more and the tracks with a width of 1mm and more are clearly visible in 

the images. Hence, a lateral resolution of better than 2mm is achieved using the plane 

wave imaging. This is close to the expected theoretical value, which was calculated in 

the previous section. The image processing time in a regular PC is about 25second. 

As we increase the sampling distance beyond the spatial Nyquist rate the grating 

lobes of the synthetized beam start to play the role. The same image is formed for a 

sampling distance of 2mm both in X & Y directions. As shown in Fig. 4.12 (e) the 

copies of image smears the real image due to the grating lobes. We mentioned another 

advantage of ISAR imaging is that the lateral resolution is independent of the distance 

to the target. It is justified by placing the same object at 23cm distance and perform the 

imaging. The data are collected and the image is reconstructed and illustrated in Fig. 

4.12 (f). As shown, the lateral resolution of better than 2mm is still achieved. 
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Fig. 4.13. (a) Focal plane imaging setup with a Bi-convex Teflon lens; Experimental 

results of the focal plane imaging of the stencil for a spatial sampling distance of (b) 

1mm; (c) 2mm; (d) 3mm. 

To compare ISAR imaging with focal plane imaging the chip is then used in a focal 

plane imaging setup as shown in Fig. 4.13 (a). The target is placed at the focal point of 

the lens and is swept in a 11080 grid with steps of 1mm. The image is formed by 

calculating the peak magnitude of the IF fft. As illustrated in Fig. 4.13 (b) the holes with 

dimension of more than 2mm can be distinguished in the image, hence a lateral 

resolution of ~2mm is expected for a Bi-convex Teflon lens with D/f= 5/10cm. It is 

noteworthy to notice that, the edges of the holes and the tracks are not as sharp as the 

ISAR images of Fig. 4.12 (c) and (f). It justifies the better lateral resolution of ISAR. 

Next in the focal plane setup the spatial sampling distance is increase to 2mm and 3mm. 

As shown in the Fig. 4.13(c) and Fig. 4.13(d), for a sampling distance of 2mm the image 
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resolution is not degrades however for sampling distance of 3mm the image resolution 

starts to degrade, hence a beam waist of ~2-3mm is expected as it was calculated. 

As we mentioned in a focal plane imaging, if the object is off from the focal plane 

of the beam, the lateral resolution will be degrade. In order to justify it the object is 

moved with steps of 5mm in depth coordinate and the images are formed. As shown in 

Fig. 4.14 the focal depth is around 3cm and if the object is off from the focal plane 

(d=10cm), the image quality starts to degrade. It shown the priority of ISAR imaging 

which the target does not need to be at a specific location. 

d=fl=10cmd=9.5cmd=9.0cmd=8.5cm

d=10.5cm d=11.0cm d=11.5cm d=12cm

d=12.5cm d=13cm d=13.5cm d=14cm  
Fig. 4.14. The image of the stencil in a focal plane imaging scenario, the object is moved 

with steps of 0.5cm in depth and the image are formed, (d is the distances of the object 

to the focal lens). 

Finally, in order to demonstrate the performance of the implemented radar for 

practical applications, an ISAR image of a piece of fat on a piece of meat is 

reconstructed and shown in Fig. 4.15(a). The sample distance from the radar is 20cm. 

Due to the different water content of the fat tissue from the muscle tissue; they are 
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distinguished with a high resolution as shown in the reconstructed 2D and 3D images. 

A focal plane image of a wallet with several objects inside is also reconstructed and 

shown in Fig. 4.15(b) that justifies the practical application of the implemented system 

for security purposes. 

 

(a)

(b)

2D Image 3D ImageFat tissue

 
Fig. 4.15. (a) ISAR imaging for hydration sensing, distinguishing fat tissue from the 

muscle tissue; (b) Focal plane imaging of a wallet with a key and two coins inside the 

wallet. 

4.5. Conclusion 

In this work, we provided the considerations for optimal design of the passive 

around the core transistor in an oscillator in order to maximize its bandwidth. The 

considerations is design of the receiver front-end for fully integrated radar structures 

was discussed. Using the designed radar we demonstrated the feasibility of ISAR 

imaging with a fully integrated THz imaging system. In the ISAR setup, no focal 

lens/mirrors were used while a lateral resolution of ~2mm was achieved by nearfield 

beamforming. This was attained by precise estimation of the range and phase of the 

received wave. We showed the advantages of plane wave imaging over the focal plane, 
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such as better lateral resolution and achieving lateral resolution independent of the radar 

distance to the target. Besides, ISAR simplifies the image acquisition, as no optical 

component is required for imaging with no concern about the optical alignment of the 

components. 
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CHAPTER 5. A Fully Integrated Multi-Pixel FMCW Imaging 

System 

5.1. Introduction 

In previous chapters, we discussed different imaging radars, from transmission 

based to mono static FMCW radars. The performance of each structure and the pros and 

cons of each one was presented. One important factor, which was not investigated, is 

the imaging time. Using a single element, we can achieve a decent lateral resolution by 

using focal lens or implementing ISAR algorithm, however this is at the cost of imaging 

time. In order to collect the data corresponding to each point we need to have a 

mechanical movement. This limits the image acquisition time. The solution for 

enhancing the imaging time is to implement an array of the antennas that is capable of 

beam forming. In an array system by having several transmitter/receiver we can increase 

the aperture area of the antennas, as a result a higher directivity and consequently, a 

narrower beamwidth can be achieve. As a result, a smaller area of the target surface will 

be illuminated at each instance, which improve the lateral resolution.  

Using beamforming to steer the beam to a specific direction can be performed in 

either the Tx. or Rx. path or even at both transmitter and receiver side. For beam forming 

purposes, phase shifters are required. Implementation of phase shifter at THz 

frequencies is quite challenge, [1]-[3]. At THz frequencies close to 𝑓𝑚𝑎𝑥 , the active 

components having no gain. Hence using active phase shifters will degrade the power 

level of the signal. Implementing passive phase shifters such as varactor-based 

structures, [4]-[5] has the same issue, as the varactors are also quite lossy at high 
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frequencies. In addition the parasitics are comparable with the varactor value which 

limits the amount of the phase shift which can be achieved at THz frequencies [1]. 

Besides these challenges for compensating the loss, wideband operation of the phase 

shifter is required. The mismatches between different paths is also a critical issue for 

the high frequency phase shifters. The mismatches are mostly due to the parasitics, as 

the capacitance of the tuning component is comparable with the parasitics. For 

wideband and ultra-wide band operations, it is a challenge. As a result, at THz 

frequencies implementation of phase shifters at the Tx. side is not preferred. On the 

other hand at the receiver side, the phase shifters can be implemented at the baseband, 

at the IF frequency in a straightforward fashion. The time delaying and the phase 

shifting of the received signals also can be performed in digital domain that lowers the 

cost and complexity of the system. It also adds the flexibility to perform more advanced 

beam forming techniques such as having multi beam at each instance[11]. As a result, 

in this work we have focused on a multi-pixel imaging radar with multi antenna at the 

Rx. side that is capable of digital beam forming. 

In this chapter a we present, the first fully integrated FMCW imaging array radar at 

THz/sub-THz frequencies capable of focal plane and plane wave imaging. By 

implementing 8 pixels at the receiver side we can decrease the imaging time by the same 

factor. It decreases the image acquisition time while the image quality is not degraded. 
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5.2. Fully Integrated Multi-Pixel Imaging Systems 

In a multi-pixel imaging radar, the techniques to achieve lateral resolution is 

different for focal plane and plane wave imaging scheme. Hence, in the following these 

two imaging schemes are separately discussed. 

5.2.1. Focal Plane Multi-Pixel Imaging 

The idea behind every beamforming approach is to apply a specific time delay to 

the received signal form different antennas and add them coherently to maximize the 

gain of the antenna in a specific direction. This can be done in analog domain, digital 

domain or even in optical domain, [1]-[8]. In a focal plane imaging scheme it is done 

optically. In fact, for beam steering we take the advantage of the Si-lens which is 

mounted on top of the chip substrate, [6]-[9]. For a hyper-hemispheric lens, if the phase 

center of the antenna is off from the center of the lens, the beam will be tilted, [6]. As it 

is a reciprocal system the same behaviors is expected for any incident wave. As a result, 

if the incident angle of the wave is changed, the location on the backside of the lens that 

the power of the incident wave is concentrated will be different, [7]. Hence, by putting 

different antenna at different locations on the backside of the chip we can distinguish 

the waves that are coming from different incident angles [8], as illustrated in Fig. 5.1. 

In fact, each antenna is capturing the waves that are coming from a specific direction.  

 

Fig. 5.1: Array beam steering in optical domain, using a hyper hemispheric lens. 
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Consequently, if the location of the Rx. pixels is off from the center of the lens, the 

beams will be tilted to their opposite direction. This is verified by simulating the array 

structure including the effect of the lens on the antenna pattern using ANSYS. In the 

simulations, the antenna is off from the center of the lens by 0.7𝜆. In other to cover all 

the other directions, we have chosen to implement 8 pixels in a circular configuration 

as shown in Fig. 5.2(a). The pattern of each pixel is illustrated in Fig. 5.2(b) which the 

beam of each antenna is tilted by ~13°. As shown by implementing 8 pixels we can 

cover almost all the directions in front of the chip. 
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Fig. 5.2: (a) The antenna arrangement in the array; (b) Pattern of each antenna. 

The beam of each pixel is still quite wide, hence in order to achieve range resolution 

we need to use a focal lens to focus the beam of each antenna on the object plane. By 
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placing a Bi-Convex Teflon lens with a diameter of 5cm with a focal distance of 10cm 

in front of the antenna (Fig. 5.3(a)), the intensity of the electric field at the focal plane 

of the object is simulated.  

Focal Plane

(a)

(b) (c)  

Fig. 5.3: (a) The simulation setup and the dimensions of the Teflon lens; (b) The 

electric field intensity at the focal point of the beam for a beam that is tilted by 13° in 

Y direction; (c) The electric field intensity at the focal point of the beam for a beam 

that is tilted by 13° in X direction.  

In this simulation, the beam of radiated wave is squinted by 13° in Y direction. The 

electric field intensity in the X-Y cut is illustrated in Fig. 5.3(b), which the center of the 

focal point is shifted by around -2mm in Y direction. However as shown in the X-Z cut 

the beam is not shifted. The same simulation is performed when the radiated beam is 

squinted by 13° in X direction and the results are illustrated in Fig. 5.3(c). Accordingly, 



 

126 

 

the focal point of the beam is moved in X-Y plane by -2mm in X direction. 

Consequently, in a multi-pixel focal plane imaging scheme each pixel is sampling a 

different point of space, [10]. In our design, the beam waist of the focused beam is 

~2mm and each beam is tilted by ~2mm, hence an area of the space with a diameter of 

~6mm can be captured with a resolution of 2mm instantly using the 8 pixels as in Fig. 

5.1. Finally, having multi-pixels helps to lower the number of mechanical movements 

by a factor of 8 and make the imaging, faster. Besides, the image resolution is not 

scarified.  

5.2.2. Plane-wave Multi-Pixel Imaging 

By having an array of the antennas we can perform standard plane wave beam 

steering in order to squint the beam to different directions, [11]-[12]. The broad side 

pattern of the array is illustrated in Fig. 5.4(a). The beam can be also squint by ±15° in 

𝜃 direction and 360° in Φ direction while a side lob levels of ~10dB. The beam of the 

array in a direction of 𝜃=15 and Φ = 0 is simulated and illustrated in Fig. 5.4(b).  By 

having, only 8 elements a beam width of ~20° is achieved which corresponds to a lateral 

resolution of only ~6.8cm for a target at 20cm distance.  

(a) (b)
 

Fig. 5.4: (a) The beam of the array in the broadside; (b) the beam of the array for a 

direction of 𝜃=15 and Φ = 0. 
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In order to achieve lateral resolution we use the Inverse Synthetized Aperture Radar 

(ISAR) technique. In an ISAR imaging scheme based on the spatial Nyquist sampling 

rate if the distance between each sampling location is more than l/2 the grating lobes 

start to rise and lower the image quality, [13]. Hence, we need to make sure to comply 

with the Nyquist sampling rate. By having multi pixel on a single chip we can capture 

the signals at every l/2 step, however less number of mechanical movements is 

required. As a result using an array structure, we can make sure that the spatial sampling 

distance will comply with the Nyquist rate.  

5.3. Circuit Implementation 

The Transmitter core of the imaging array is identical to the proposed structure in 

chapter 2, [14]. Eight pixels are implemented at the Rx. side with their own separate IF 

paths as shown in the system structure of Fig. 5.5. In the array structure, the Tx. front-

end is placed at the center of the die and the eight Rx. pixels are configured in a circular 

configuration as shown in Fig. 1.2, surrounding the Tx. antenna at the center. The 

distance between the phase center of each Rx. pixel is 600𝜇m. 
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Fig. 5.5: (a) The system structure of the implemented multi-pixel FMCW imaging array. 
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Symmetric routing of the LO distribution network is the challenge in Rx. digital 

beamforming. As the only location that is equidistant to all the Rx. pixels, is the center 

of the chip. However, this area is occupied by the Tx. antenna and the Tx. front end. 

Several LO distribution schemes has been tested such as: standing wave ring, a traveling 

wave ring, etc. However, they are all narrow band solutions. In the following, the 

implemented solution that is based on the symmetricity is presented. As the network, 

operates based on the symmetricity, the response of the LO distribution network will be 

quite wideband. In order to symmetrically rout the LO from the coupler to all the 8 

pixels, we categorize the pixels to two groups, the 4 antenna on the top and the 4 other 

on the bottom. Next, we have found two points (P1 and P2), which are equidistance to 

all the antennas of each group as shown in Fig. 5.5. As a result, we can distribute the 

LO from those points to all the antennas of each group with equal lengths. The routing 

from the active coupler to P1 and P2 could be also implemented with equal distances 

and symmetrically. As a result, we can make sure that the received LO signal at all the 

pixels has the same level and phase all across the bandwidth. We also have redesigned 

the coupler to inject more power to the LO distribution network in order to deliver 

enough power to each pixel for signal down conversion. 

The whole structure is simulated in ANSYS. The delivered signal level to the LO 

port of each mixer across the bandwidth is simulated and shown in Fig. 5.6(a). Based 

on the simulation results, the mismatches between the delivered signal levels is less than 

0.5dB all across the bandwidth. The relative phase of the LO signal at each pixel is also 

simulated and shown in Fig. 5.6(b). Due to the implementing identical lengths for the 

LO distribution network, the phase mismatch is less than ±0.5° all across the bandwidth. 
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Fig. 5.6: (a) The delivered signal level to the LO port of each pixel; (b) The relative 

phase of the received LO signal at each pixel. 

5.4. Measurement Results 

5.4.1. Transceiver Characterization 

The fully integrated array structure is fabricated in 130nm BiCMOS from ST 

Microelectronics. The photo of the chip is shown in Fig. 5.7 with a total silicon area of 

2mm2mm. 

 

Fig. 5.7: The die micrograph of the array radar. 

The frequency measurement setup is shown in Fig. 5.8(a). The measured radiated 

frequency as a function of tune voltage is illustrated in Fig. 5.8(b). Based on the 
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measurements results a radiation frequency of 147.3-179.94GHz, corresponding to a 

radiation bandwidth of 32.64GHz (20%) is achieved. The radiated power is measured 

using an Ericson PM4 calorimeter as shown in Fig. 5.8(a). The power measurement 

results is shown in Fig. 5.8(c), based on the measurement results there is only ~6dB of 

power variation all across the bandwidth. The measured radiation pattern of the radiator 

at the center of the band is reported in Fig. 5.8(c) with a peak directivity of 15.8dBi. The 

peak radiated power is calculated to be 425W. The radiator core consumes a DC power 

of 57.2mW from a 2.7V power supply. As a result, a peak DC-to-RF efficiency of 0.52% 

is achieved. The active couplers also consumes 47mW of power. The phase noise of the 

radiated signal for several frequencies across the bandwidth is measured and shown in 

Fig. 5.8(d). 
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Fig. 5.8: (a) Frequency and power measurement setup; (b) Measured radiated frequency 

and the normalized radiated power of the radiator as a function of the tuning voltage; 

(c) The measured radiation pattern of the transmitter at the radiation frequency of 

163GHz; (d) Measured phase noise of the radiated signal. 
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To compensate the chirp nonlinearity, the inverse of f-Vtune profile is generated and 

applied to the tune voltage with a rate of 10kHz. Range profile of a point target at 11cm 

distance is shown in Fig. 5.9. As a result, a range resolution of 4.6mm is achieved that 

the range resolution is defined as the main lobe width at -6dB point of the fft while using 

a hamming window. 
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Fig. 5.9: The measured range profile of a point target at 11cm distance. 

Using a flat plate at 15cm distance the gain and phase of all the pixels are calibrated. 

To measure the range accuracy of the radar a flat circular shape metal with a diameter 

of 7mm is placed in front of the imager at 5cm distance. Then the object is moved 

backward by steps of 5mm and the IF signal from all the 8 pixel is recorded. The 

estimated range to the target is extracted and illustrated in Fig. 5.10 for all the pixels. A 

precise estimation of the range is achieved due to the high sensitivity of the transceiver 

which results in a high output signal level with a SNR>30dB.  
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Fig. 5.10: The measured estimated range to the target for all the eight pixels. 

5.4.2. Practical Focal Plane Imaging  

The measurement setup for focal plane imaging is shown in Fig. 5.11. For 

comparison purposes the stencil shape object of Fig. 5.12(a) with different hole sizes 

and shapes is used as the target. At first, the object is scanned in a grid of 80100 with 

steps of 1mm, corresponding to total of 8000 points. The images reconstructed by each 

individual pixel is illustrated in Fig. 5.12(b). 

Radar ChipFocal Lens

Object

Stepper Motor
 

Fig. 5.11: Focal plane imaging setup. 
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Fig. 5.12: (a) The stencil shape object as the benchmark; (b) The image reconstructed 

by each pixel corresponding to the mechanical steps of 1mm. 

With a close inspection of the images, it is justified that there is ~2mm shift between 

the image of an antenna and its neighbor. As we discussed in previous section it was 

expected as the beam of Rx. pixels is tilted due to the Si-lens. Next, in order to justify 

the array performance of the system we have increased the mechanical steps to 3mm. 

Hence, the image is scanned in a grid of 3427 with mechanical steps of 3mm. Then 

the image is formed by pixels of 3mm3mm that each pixel contains nine subpixels 

with a dimension of 1mm1mm. The intensity of each sub-pixels is assigned to one of 

the antennas in the array. For simplicity, we assume a square shape for each pixel as 

shown in Fig. 5.13. The numbers on each pixel shows the antenna that is assigned to 

that pixel according to Fig. 5.7. For the pixel A (the middle pixel) the reflected signal is 

assumed as the time average of all the surrounding pixels. Finally using the IF signal of 
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all elements the image is formed. The results are compared with the image that is 

obtained by a single pixel with mechanical steps of 3mm in Fig. 5.14. As shown using 

the array structure a better image resolution will be achieved. The reconstructed image 

by the array in this figure is almost identical to the image of a single pixel in Fig. 5.12(b), 

however the number of mechanical movements is decreased by a factor of 9, that 

enhances the imaging time by almost the same factor. 
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Fig. 5.13: Estimating the shape of the pixels as a square shape pixel. 

Single Element Array (Multi-Pixel)

 

Fig. 5.14: Comparison between the image that is reconstructed by a single pixel and the 

one reconstructed by the array structure for mechanical steps of 3mm. 

It is noteworthy to mention that the small ripples on the reconstructed image are due 

to the assumption that the pixels are considered square shape. These ripples can be 

decreased with further image processing or considering a round pixel. For further 

comparison the mechanical steps is increased to 6mm and the object is scanned in a 
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1714 grid. The image of the stencil is formed with 238 of 6mm6mm pixels that each 

contains 9 subpixel with a size of 2mm2mm. Hence, the total number of mechanical 

movement is reduced by a factor of 36. The reconstructed image using the array is 

compared with the one that is achieved by a single pixel in Fig. 5.15. Most of the details 

is still clear in the image reconstructed by the array; however, the details are faded in 

the image that is reconstructed by a single pixel. 

Single Element Array (Multi-Pixel)

 

Fig. 5.15: Comparison between the image that is reconstructed by a single pixel and the 

one reconstructed by the array structure for mechanical steps of 6mm. 

5.4.3. Practical Plane Wave Imaging  

The measurement setup for plane wave imaging is similar to the setup of Fig. 5.11, 

although the Teflon lens is removed. The object is placed at 16cm distant and is scanned 

in a grid of 10080 with steps of 1mm that comply with the spatial Nyquist sampling 

rate. Using the proposed ISAR algorithm in chapter 4 the image of the object is 

reconstructed for each antenna separately and shown in Fig. 5.16. The images formed 

by all pixels is almost identical. Next, the spatial sampling distance is increased to 2mm 

the grating lobes start to rise and lower the image quality. However, by increasing the 

sampling distances to 3mm as shown in Fig. 5.17 the grating lobes will destroy the 

image. The image in Fig. 5.17, correspond to a sampling grid of 3326 with a total of 
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858 mechanical movements. However, in the array structure, using the signal from all 

the pixels we can synthesized a beam pattern with no grating lobe, while the mechanical 

steps is still 3mm. 
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Ant. #5 Ant. #6 Ant. #7 Ant. #8

 

Fig. 5.16: The ISAR image reconstructed by each pixel, corresponding to the 

mechanical steps of 1mm. 
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Fig. 5.17: The ISAR image reconstructed by each pixel, corresponding to the 

mechanical steps of 3mm. 

Using the IF signals of all the antennas the ISAR image of the scene is formed and 

shown in Fig. 5.18 for spatial mechanical steps of 3mm. The image is compared with 

the image obtain from a single pixel. As shown the effect of the grating lobe is 

significantly degraded. The same procedure is performed for a sampling distance of 

4mm in a 2520 grid with only 500 movement. The images of a single pixel and the 
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array one is reconstructed and compared in Fig. 5.19. As shown, using the array 

structure the number of mechanical movements and correspondingly the imaging time 

can significantly be reduced, while the image quality is still preserved. As a result, by 

implementing an array of the antenna the image acquisition time can significantly be 

reduced while the image quality is not degraded. 

Single Element Array (Multi-Pixel)

 

Fig. 5.18: Comparison between the ISAR image reconstructed by a single pixel and by 

the array structure for mechanical steps of 3mm. 

Single Element Array (Multi-Pixel)

 

Fig. 5.19: Comparison between the ISAR image reconstructed by a single pixel and by 

the array structure for mechanical steps of 4mm. 
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